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∆Σ analog-to-digital converters traditionally have been used for low speed, high 

resolution applications such as measurements, sensors, voice and audio systems. 

Through continued device scaling in CMOS technology and architectural and circuit 

level design innovations, they have even become popular for wideband, high 

dynamic range applications such as wired and wireless communication systems. 

Therefore, power efficient wideband low power ∆Σ data converters that bridges 

analog and digital have become mandatory for popular mobile applications today. 

In this dissertation, two architectural innovations and a development and 

realization of a state-of-the-art ∆Σ analog to digital converter with effective design 

techniques in both architectural and circuit levels are presented. The first one is 

timing-relaxed double noise coupling which effectively provides 2nd order noise 

shaping in the noise transfer function and overcomes stringent timing requirement 

for quantization and DEM. The second one presented is a noise shaping SAR 

quantizer, which provides one order of noise shaping in the noise transfer function. It 



uses a charge redistribution SAR quantizer and is applied to a timing-relaxed low-

distortion ∆Σ modulator which is suitable for adopting SAR quantizer.  

Finally a cascade switched capacitor ∆Σ analog-to-digital converter suitable for 

WLAN applications is presented. It uses a noise folding free double sampling 

technique and an improved low-distortion architecture with an embedded-adder 

integrator. The prototype chip is fabricated with a double poly, 4 metal, 0.18µm 

CMOS process. The measurement result achieves 73.8 dB SNDR over 10 MHz 

bandwidth.  The figure of merit defined by FoM = P/(2 x BW x 2
ENOB

) is 0.27 

pJ/conv-step. The measurement results indicate that the proposed design ideas are 

effective and useful for wideband, low power ∆Σ analog-to-digital converters with 

low oversampling ratio.  
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High Efficiency Wideband Low-Power Delta-Sigma Modulators 

CHAPTER 1.      INTRODUCTION 

 

1.1.  Motivation 

 

Data converters are bridging devices between the analog world and its digital 

counterpart. Depending on architectures, signal bandwidth and resolutions are 

usually defined. Traditionally, ∆Σ data converters have been used for low bandwidth 

and high resolution applications such as measurement, biomedical, sensor, voice and 

audio applications. These applications are rapidly extending to wired and wireless 

communication bandwidth and continuously challenging emerging applications. This 

is enabled by CMOS technology scaling and both architectural and circuit level 

innovations. Signal bandwidths have been expanded from several tens of kHz to 

several tens of MHz ranges. The popularity of ∆Σ data converters comes from its 

inherent high resolution and low power nature due to both oversampling and noise 

shaping characteristics, which make the analog circuit requirement greatly relaxed. 

Therefore, it is necessary to maximize this leverage of improvement to cope with 

design challenges and to meet more demanding specifications.  

In this dissertation, novel design techniques with both architectural and circuit 

level innovations are proposed to improve the efficiency of delta-sigma analog-to-

digital converters. The efficiency of a data converter can be quantitatively specified 

by the figure-of-merit (FoM) defined as power dissipation divided by multiplication 

between bandwidth and two to the power of effective number of bits. An 

experimental prototype chip shows the effectiveness of the proposed novel 

techniques. 
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1.2. Contributions 

 

• A novel timing-relaxed double noise coupling ∆Σ modulator is proposed. It 

can effectively provide 2nd order noise shaping in the noise transfer function 

and overcomes the stringent timing requirement of quantization and DEM. 

• A noise shaping SAR quantizer in timing-relaxed ∆Σ modulator is proposed. 

It provides one order of noise shaping in the noise transfer function by re-

configuration of active adder and charge redistribution SAR quantizer. 

• A high speed, low power quantizer which is suitable for double sampling is 

proposed. It uses continuous amplification in the pre-amplifier and 1st latch 

starts transition from the middle of power rails and overcomes process 

limitations. 

• Development and realization of a state-of-the-art, high-efficiency, high-

linearity, wideband, discrete-time, double-sampled, 2-2 cascade ∆Σ analog-

to-digital converter. 

 

1.3. Thesis Organization 

 

After this introduction, Chapter 2 proposes a timing-relaxed double noise coupling 

∆Σ modulator. It effectively provides 2nd order noise shaping in the noise transfer 

function, while maintaining unity signal transfer function, and overcomes stringent 

timing requirements of quantization and DEM in low-distortion architectures. Output 

swings of loop filters can be reduced by applying gain scaling. Therefore, analog 

circuit requirements and power consumption can be greatly relaxed. In Chapter 3, a 
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noise shaping SAR quantizer in a timing-relaxed low-distortion ∆Σ modulator is 

proposed. It provides one order of noise shaping in the noise transfer function and 

uses a charge redistribution SAR quantizer. Chapter 4 describes a cascade switched-

capacitor ∆Σ analog-to-digital converter suitable for WLAN applications. System 

level designs, circuit level innovations, implementation, the testing environment, 

measurement results and performance comparison results are presented with the 

implemented IC. Lastly, Chapter 5 summarizes the contributions of this thesis and 

concludes the dissertation. 
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CHAPTER 2.   TIMING-RELAXED DOUBLE NOISE COUPLING 

 
 

In this chapter, the timing-relaxed double noise coupling technique is proposed. It 

effectively provides 2nd order noise shaping in the noise transfer function while 

maintaining unity signal transfer function and overcomes stringent timing 

requirement for quantization and DEM in low-distortion architecture. Output swings 

of loop filters can be reduced by gain scaling. Therefore, analog circuit requirements 

and power consumption can be greatly relaxed.  

 

2.1. Noise coupling review  

 

Noise coupling [1-3] is a scheme which can effectively increase overall delta-

sigma modulator order by one when it is combined with low-distortion architecture 

[4][43] without addition of any active blocks. Fig. 2.1 shows the concept of noise 

coupling. The low-distortion architecture has an analog adder block in front of the 

quantizer. The quantizer converts analog inputs to digital values. The digital output 

contains quantization error in addition to the digitized form of analog input. 

Therefore, the difference between digital output and analog input of the quantizer is 

quantization error. This quantization error can be extracted by the way shown in Fig. 

2.1  

If this extracted quantization error is negatively fed back and added to analog 

adder block with one cycle delay, then this system can produce first order noise 

shaping function in addition to the noise shaping order from loop filter of a ∆Σ 

modulator. 
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 Therefore, when a noise-coupling scheme is applied to a low-distortion 

architecture which has an analog active adder in front of the quantizer, it can 

effectively raise the overall noise shaping order of a modulator by one with no extra 

active component. 

 

 

Fig. 2.1 The basic operational principal of noise coupling 

 

2.2. Double noise coupling scheme 

 

A double noise coupling [5] scheme is one that expands the benefit of noise 

coupling even further.  

Fig 2.2 and Fig. 2.3 show the idea of this scheme. The basic idea is if we can view 

the noise coupling block as a new analog-to-digital block (ADC1) i.e. another 

quantizer block, then we can apply noise coupling scheme again. 

Subsequently, the output of the new quantizer (ADC1) V1 would now become W1 

(input of quantizer) + shaped noise E1(1-z
-1
). Therefore, we can have one extra order 

of noise shaping.  

 



6 

 

 

Fig. 2.2 The approximation of noise coupling block as a quantizer block 

 

When another noise coupling scheme is applied to ADC1 as a new quantizer, 

another order of noise shaping is obtained in addition to the noise shaping order 

obtained by ADC1. 

 

Fig. 2.3 Double noise coupling with noise shaping order is 2 

 

Fig. 2.3 shows the overall double noise coupling structure. Now, the digital output 

of double noise coupling, V2, is W2(analog input of ADC1) + shaped noise E2(1-z
-1
). 

E2 is the shaped noise of E1 (i.e. E1(1-z
-1
)). Therefore, the overall digital output, V2,  

is the analog input of ADC1 W2 + second order shaped E1. Thus, the overall noise 

shaping of quantization noise E1 is E1 (1-z
-1
)
2
. This equation shows that an additional 

second order noise shaping can be obtained through the double noise coupling 
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technique. Fig. 2.4 shows the block diagram of the overall double noise coupling 

structure. 

 

 

Fig. 2.4 Overall double noise coupling block structure 

 

2.3. Double noise coupled low-distortion ∆Σ modulator 

 

Fig. 2.5 shows the 1st order low-distortion architecture with double noise coupling 

technique. Because the loop filter order is 1, the noise transfer function without 

DNCB (Double Noise Coupling Block) is 1st order i.e. (1-z-1). But by adopting 

DNCB, the overall noise transfer function becomes 3rd order i.e. (1-z
-1
)
3
. It is 

composed of 1st order noise shaping from the loop order and 2nd order noise 

shaping by DNCB. However, the 1st order low-distortion ∆Σ modulator with DNCB 

still maintains signal transfer function of unity.  

Now, the order of the noise transfer function is equivalent to 3, but the number of 

required amplifiers is reduced from 4 to 3, because a 3rd order low-distortion 
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modulator requires 3 amplifiers for loop filters and 1 amplifier for an analog active 

adder. On the contrary, a 1st order low-distortion modulator with DNCB architecture 

requires 1 amplifier for loop filter and 2 amplifiers for active adders. Thus, one 

amplifier can be saved, and power consumption and die area can be reduced.  

 

 

Fig. 2.5  1st order low-distortion ∆Σ modulator with double noise coupling 

 

Fig. 2.6 is a expanded view of Fig. 2.5, and it clearly shows DNCB which is 

composed of 2 noise coupling blocks. Fig. 2.7 and Fig. 2.8 are equivalent circuits of 

Fig. 2.6, these show that quantization error extraction block is composed of 2 non-

delay integrators. Each of these is used for one noise coupling. Therefore, the 

realization of DNCB requires 2 non-delay integrators in addition to two one full-

cycle digital delay components to control DAC ( Digital-to-Analog ) for each noise 

coupling feedback branch. 

In summary, the double noise coupling scheme maintains a unity signal transfer 

function, which is one of the key characteristics of low-distortion architectures. 

However, in the noise transfer function’s point of view, the overall noise transfer 

function can be raised to “loop filter order”+“2nd order more noise shaping (1-z
-1
)
2
”. 

The number of required amplifiers then becomes “N” for Nth order noise shaping. 
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Compared to a low-distortion architecture, which requires “N+1” amplifiers to 

realize Nth order noise shaping, one amplifier can be saved.  

 

 

Fig. 2.6 Expanded view of 1st order low-distortion ∆Σ modulator with double noise 

coupling 

 

 

Fig. 2.7 1st order low-distortion ∆Σ modulator with double noise coupling 

 

However, DNCB scheme has some disadvantages. The first disadvantage is 

relatively high swings at the outputs of the 1st and 2nd amplifiers of the DNCB 

block. These large output swings make the amplifiers slew and consume more power 

than amplifiers that realize loop filter blocks of low-distortion modulators.  
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This is due to a large swing high power input signal that is directly fed to the input 

of the 1st amplifier of the DNCB block. Thus, the 1st and 2nd amplifiers of DNCB 

have to process both input signal and shaped quantization noise.  

 

 

Fig. 2.8 Equivalent circuit of Fig. 2.7 

 

Another disadvantage of the DNCB structure is the stringent timing requirement 

for quantization and DEM (Dynamic Element Matching) operations. This 

disadvantage is common for all low-distortion architectures, because there is no 

delay in the main feedback loop. Thus, quantization and DEM have to be finished 

within a narrow, non-overlap time frame. Fig. 2.9 illustrates this stringent timing 

requirement. 

During clock phase 1, the input signal or previous outputs of loop filters are 

sampled to sampling capacitors. At the same time, the active adder adds up all 

incoming analog signals, including input signal and outputs of loop filters.  

During clock phase 2, the integrators integrate sampled signals. However, there is 

no time frame between the end of phase 1 and the start of phase 2, except very short 

non-overlap time. At the start of phase 2, digital data need to be ready for DAC 

operation for the main feedback loop of a ∆Σ modulator. Thus, after the end of phase 

1 and before the start of phase 2, quantization and DEM have to be processed and 
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finished. The non-overlap time is between phase 1 and 2, and it is very short. 

Therefore, this narrow timeframe is usually not enough for quantization and DEM. 

This stringent timing requirement is the motivation of the following research – “the 

timing-relaxed double noise coupling”. 

 

Fig. 2. 9 Timing requirement of low-distortion architecture 

 

2.4. Timing-relaxed double noise coupling 

 

Stringent timing requirement for quantization and DEM is common for low-

distortion ∆Σ modulator architecture, therefore, there have been many attempts to 

find approaches to overcome this. One successful approach is to assign extra delay in 

the main feedback loop for the quantizer to have full one cycle delay. This allows 

quantization and DEM to have a more relaxed timing requirement [5][6]. This can be 

done by modifying the loop filter coefficients of low-distortion architecture with 

extra loop delay to make the same noise transfer function of low-distortion 

architecture.  
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Fig. 2.10 shows the procedure of modifying the loop filter coefficient to have the 

same noise transfer functions between low-distortion architecture and low-distortion 

with extra loop delay. 

 

(a) Low-distortion architecture 

 

(b) Loop filter for noise transfer function (1-z-1)Loop Filter in low-distortion 

architecture. 

 

(a) Loop filter for noise transfer function (1-z-1)Loop Filter in low-distortion 

architecture with extra loop delay. 

Fig. 2.10 Loop delay compensation of low-distortion modulator 
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To make an identical noise transfer function between two configurations, it is 

necessary to modify the loop filter coefficients of the excess loop delay architecture.  

Fig. 2.11 shows the loop-filter coefficient configurations of the two architectures. 

The same assumption that all loop filters are composed of only delayed integrators 

was set for two configurations,. 

 

(a) Loop filters and coefficients of low-distortion architecture 

 

 (b) Loop filters and coefficients of low-distortion architecture with excess loop 

delay. 

Fig. 2.11 Loop filter coefficients comparison in low-distortion and delay 

compensated low-distortion modulators 

 

This method is applicable to noise coupling low-distortion architecture. However, 

it cannot be directly applied to double noise coupling, because double noise coupling 

requires 2 local feedbacks, and to stabilize the loop, two independent variable k1 and 
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k2 are necessary. In comparison to [6][7][46], it only requires one independent 

variable for stabilizing the modulator loop.  

The Fig. 2.12 shows the required configuration of double noise coupling with 

excess loop delay when loop filter coefficients modification method is applied. 

 

 

Fig. 2.12 Configuration of double noise coupling with excess loop delay when 

filter coefficients modification method is applied 

 

Once the coefficients comparison model is set, it is necessary to solve and modify 

the coefficients to make excess loop delay architecture have the same noise transfer 

function as the low-distortion architecture. Because both noise coupling and double 

noise coupling require local feedbacks, these schemes reduce the feedback factor of 

amplifiers. Thus, the amplifiers have to have a little more power to maintain the 

same closed loop bandwidth and the same small signal settling specifications.  

In order to minimize the decrease of feedback factors due to an additional 

feedback branch, and to prevent increase of power, it is better to have smaller 

independent coefficients k1 and k2. To minimize the decrease of feedback factor due 

to the additional feedback branch, k1 was set to 1 and all states of all nodes were 
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determined, compared and calculated in order to obtain the new coefficients of the 

loop filters of the excess loop delay modulator.  

Up to this point, the focus was the matching of noise transfer functions. However, 

modifying loop filter coefficients also changes the signal transfer function in low-

distortion ∆Σ modulator with excess loop delay. As a result, more steps need to be 

taken to create signal transfer functions (STF) of either all pass filters or low pass 

filters characteristics. However, STF = 1 is preferred to minimize signal gain droop 

near the upper edge of signal bandwidth.  

In order to have signal transfer function of unity with new loop filter coefficients, 

2 more feed-forward paths are necessary. Fig. 2.13 shows the general configuration 

of low-distortion architecture with excess loop delay. The coefficient a1 represents 

the first feed-forward coefficient of low-distortion architecture as shown in Fig. 2.11 

(a). 

 

STF =1

NTF = (1-z
-1
)
Loop Filter Order

x(1-z
-1
)
2

LF

Loop Filter

U V

- - -

E

z
-1k2=a1+1

z
-1

k2=a1+1 z
-1

z
-1

k1=1

 
Fig. 2.13 General configuration of DBNC low-distortion architecture with excess 

loop delay having unity signal transfer function 

 

This signal transfer function unity can be found by state observations, 

comparisons and equating two states.  

Fig. 2.4 exhibits a 2nd order loop filter example. When DBNC is applied, the 

overall noise transfer function becomes 4th order (1-z
-1
)
4
. In the 2nd order loop filter 
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example, the a1 coefficient is 2. Hence, k2 value now becomes a1+1=3, and the 

intermediate feed-forward coefficient b1 can be calculated from a coefficients 

comparison, becoming b1=a1+a2=2+1=3.  

3rd and higher order modulator coefficients can be determined in the same way as 

shown in the 2nd order loop filter example. In a 3rd order low-distortion structure, 

feed-forward coefficients at the output of each loop-filter are a1=3, a2=3, a3=1. 

Correspondingly, new feed-forward coefficients of timing-relaxed double noise 

coupling are b1=a1+a2=6, b2=a2+a3=4, k2=a1+1=4. Fig. 2.15 shows this case of 3rd 

order loop filters. 

On the other hand, there is a unique and particular case in the case of the 1st order 

loop filter. In this case, additional feed-forward path and delay component can be 

simplified and only 1 feed-forward path is enough to make STF = 1. This simplified 

result can be calculated from the equation (1.1). Equation (1.1) is used to find STF 

with unity. In equation (1.1), LF represents “Loop Filters” and in the case of the 1st 

order modulator, LF is 
1

1

1 −

−

− z

z
. In the case of 2nd order loop filters, LF is 

2
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1
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         (1.1) 

Only when LF is 
1

1

1 −

−

− z

z
, necessary additional input feed-forward circuit shrinks 

to just a unity gain feed-forward path and finally modulator configuration can be 

simplified as shown in Fig. 2.16. As expected, STF is 1 and NTF is (1-z
-1
)
3
. The 

feedback factor of the 1st active adder is effectively increased. 
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Fig. 2.14 Timing-relaxed 2nd order low-distortion architecture with double noise 

coupling 

 

 

Fig. 2.15 Timing-relaxed 3rd order low-distortion architecture with  

double noise coupling. 

 

 
Fig. 2.16 Timing-relaxed double noise coupled 1st order low-distortion 

architecture which has simpler feed-forward path 
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2.5. Gain scaling of timing-relaxed double noise coupling 

 

The purpose of assigning one full cycle delay in the main feedback loop of low-

distortion architecture is to give sufficient time for quantization and DEM to achieve 

relaxed operations. Without a timing-relaxed scheme, the quantizer and DEM circuit 

have to be very fast, and more power for fast operation is necessary. However, with 

one full cycle delay in the feedback loop, both quantization and DEM circuit can 

have sufficient time for slow signal processing, and can be made to consume less 

power than its fast counter parts. 

On the other hand, timing-relaxed double noise coupling has another problem - 

large output swings at the outputs of 1st and 2nd adders in DBNC. This is due to 

large input signal fed in front of the 1st input of the adder. Thus adder outputs are 

now composed of large input signals in addition to quantization noise, which is 

generally small in a multi-bit quantizer.  

One of the main advantages of low-distortion architecture is small swings at loop 

filter outputs. Combined with a multi-bit quantizer, which has small quantization 

errors, loop-filters don’t slew, consume a lot of power, and show excellent linearity. 

This is the reason why this architecture is usually called low-distortion architecture. 

More importantly, this feature greatly reduces analog circuit requirements of loop-

filters and makes loop filters consume less power. 

The large output swing problem in the timing-relaxed double noise coupling 

architecture can be mitigated by applying gain scaling. Fig. 2.17 exhibits 1/4 gain 

scaled timing-relaxed 1st order, double noise coupling modulator. 
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Fig. 2.17 1/4 gain scaled timing-relaxed 1st order double noise coupling 

modulator 

 

By applying gain scaling, output swings of active adders are reduced by 4. As a 

result, active adders don’t slew and they consume much less power. Therefore it’s 

helpful in reducing analog circuit requirements. It also increases feedback factors of 

amplifiers and due to this, amplifier power consumption can be reduced even further. 

However, to realize 4 times of gain in a quantizer block, the quantizer has to use 

reduced reference by 4. This means that the quantizer has to have 4 times higher 

resolution to discriminate reduced LSB (least significant bit) voltage, though it is not 

a big burden. In chapter 4, this gain scaling by 4 in quantizer block is successfully 

devised, realized and measured with a real silicon prototype chip. The prototype IC 

was implemented with 0.18µm process with 1.8V supply. The measured 

performance proved that gain scaling by 4 in a quantizer block is not a burden and 

can be easily implemented. In practice, no special implementation techniques were 

applied.  

In addition, reduced reference in a quantizer block doesn’t require dedicated and 

special reduced reference because this can be achieved with a single resistor string 

with original conversion reference. The details are shown in Fig. 2.18. 

 



20 

 

 

Fig. 2.18 1/4 gain scaled reference generation 

  

As shown in Fig. 2.18, reduced reference does not require dedicated references 

and can be tapped out from original resistor string reference using smaller resistor 

blocks where some of decoupling capacitors are applied to each tap of reference.  

Another advantage from gain-scaling is that it can make a realization of zero 

capacitor easier and depending on the process, it can also save power consumption.  

Zero insertion in NTF is widely used to increase SQNR. The advantage of zero 

insertion in NTF is that it can increase SQNR by suppressing higher quantization 

noise region in signal bandwidth. Consequently, it is especially more effective on 

wideband ∆Σ modulator applications which have relatively larger signal bandwidth 



21 

 

and suffer from shaped high quantization noise power near upper signal bandwidth 

edge. 

A common problem in realization of zero on NTF is that the absolute value of 

capacitor for zero realization is usually too small to realize. This is due to the fact 

that the gain of zero is usually equal to or less than 0.01. Accordingly, the zero 

capacitor value has to be more than 100 times smaller than the feedback capacitor of 

the integrator. In practice, this is very difficult, and sometimes impossible, to realize 

such a small value capacitor because the smallest capacitor that can be realized is 

defined by foundries. 

One way to solve this problem is to use capacitive T network [8], however, it 

requires complex capacitor combinations and extra switches. Therefore, a bigger 

capacitor for realization of NTF zero is preferred.  

Gain scaling by 4 increases zero gain by 4, and therefore, a zeroing capacitor 4 

times bigger can be used for realization of the same zero. This is due to the zero that 

is outside of gain-scaling region. This is beneficial for implementation. Fig. 2.19 

shows zeroing capacitor increase by applying gain-scaling. 

 

  

(a) Unscaled timing-relaxed 1st order double noise coupled ∆Σ modulator 
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(b) 1/4 gain scaled timing-relaxed 1st order double noise coupled ∆Σ modulator 

Fig. 2.19 zero capacitor size increase by gain scaling 

 

Fig. 2.20 shows macro model simulation results of output swing comparisons 

between unscaled and 1/4 gain scaled timing-relaxed, 1st order, double noise-

coupled ∆Σ modulator. The swings of the loop-filter – the first amplifier - are exactly 

as expected. On the contrary, 1st and 2nd active adder output swings were reduced 

by 75%. Digital outputs of both un-scaled and scaled modulators are exactly same as 

predicted. 

 

2.6. Performance and power consumption improvement 

 

Fig. 2.21 shows noise shaping comparison graphs between a 1st order low-

distortion modulator, a 1st order low-distortion modulator with noise-coupling, and a 

timing-relaxed 1st order low-distortion modulator with double noise-coupling. These 

Cadence model simulations were performed with 5MHz bandwidth, OSR 16 and 4 

bit, a 15 level quantizer, and a sampling frequency of 160MHz. These graphs 

illustrate that double noise coupling can provide 2nd order more noise shaping in 

noise transfer function. 

 



 

(a) loop

Fig. 2.

(a)                                      (b) 

(a) loop-filer output swings show same magnitude

(b) 1
st
 adder output swing comparison.  

Gain scaled one shows 75% swing reduction

(c)                            (d) 

(c) 2
nd
 adder output swing comparison.  

Gain scaled one shows 75% swing reduction

(a) same digital output for both modulators

Fig. 2.20 output swing comparison between un-scaled and scaled

modulators 
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same digital output for both modulators 

scaled and scaled 
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To discover the power efficiencies of effectively 3rd order noise shaping ∆Σ 

modulators, analog power consumptions were calculated, simulated and compared. 

Fig. 2.22 illustrates (1) a 2nd order low-distortion modulator with 1st order noise-

coupling, (2) a 1st order low-distortion modulator with 2nd order noise-coupling, (3) 

a 3nd order low-distortion modulator, and (4) a 1/4 scaled timing-relaxed 1st order 

low-distortion modulator with double noise coupling and zero optimization. Fig. 

2.22 shows these architectures. 

 

Fig. 2.21 Noise shaping comparison among 1st order modulator, 1st  

order + noise-coupling modulator and 1st order + double noise coupling 

modulator.  

 

For the analog power consumption calculation, the same simulation conditions 

were set as followings. signal bandwidth 5 MHz, target ENOB  ≥ 12 bit, OSR 16, 4-

bit, 15-level quantizer,  sampling frequency of 160MHz, SQNR MAX = 83~87 dB, 

SQNR + kT/C thermal noise limit = 76~77dB, 0.18µm process with 1.8 V supply, 
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differential full-scale reference = 2VPP, 1st sampling capacitor CS1 = 1pF,  2nd, 3rd 

and 4th sampling capacitor CS2, CS3 and CS4 are all 0.24pF because, a minimum 

capacitor in AKM 0.18 µm process is 16fF thus, a 20fF unit capacitor was assumed, 

all integrator small signal settling requirement was set to 7τ time constant and slew 

rate was also considered, input parasitic capacitance of a single comparator was 

assumed to be 50fF, and input parasitic capacitance of the amplifiers were assumed 

to be 100fF. Based on the assumptions mentioned above, analog power consumption 

was simulated. Table 2.1 presents the analog power comparison results. 

 

  

(1) 2
nd
 order low-distortion modulator with 1

st
 order noise-coupling. 

 

(2) 1st order low-distortion modulator with 2nd order noise-coupling. 
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(3) 3nd order low-distortion modulator. 

 

 

 

 (4) 1/4 scaled, timing-relaxed, 1st order low-distortion modulator with double 

noise coupling and zero optimization 

Fig. 2.22 Various effectively 3rd order noise shaped ∆Σ modulators for analog power 

consumption comparison 

 

Table 2.1 Analog power consumption comparison of effective 3rd order noise 

shaped ∆Σ modulators 
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The simulation results indicate that using 1/4 gain scaled timing-relaxed double 

noise coupling can save roughly from 31% to 53% in comparison to other effective 

3rd order noise shaping modulators, while retaining the same signal and noise 

transfer functions. 

 

2.7. Summary and conclusion 

 

In this chapter, a double noise coupling technique was proposed, and results 

showed that it can be applied low-distortion architecture. The advantage of double 

noise coupling is that it can save one active component while providing 2nd order 

noise shaping in the noise transfer function.  

Stringent timing requirement issues during quantization and DEM are common for 

all low-distortion architectures. To relieve this problem, excess loop delay 

compensation is applied. By applying this, quantization and DEM can have a full 

one cycle delay, thus relaxing the timing requirement. 

To reduce the large output swing problem at the output of adders, gain-scaling was 

applied. By applying this, active adders don’t slew and they consume less power. 

Thus, analog circuit requirements can be greatly relaxed and helpful in reduction of 

non-linear distortions. The gain overhead moved to the quantizer, but a 1/4 gain 

scaling quantizer was successfully devised, implemented, and demonstrated with a 

prototype chip and subsequently showed that the overhead in the quantizer is 

minimal. 

Power consumption comparisons were presented, proposed gain-scaled timing-

relaxed double noise coupling was shown and it can save 31% to 53% power in 
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comparison to other low-distortion ∆Σ modulator architectures having same STF and 

NTF. 
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CHAPTER 3.  NOISE SHAPING SAR QUANTIZER IN TIMING-

RELAXED LOW-DISTORTION ∆Σ MODULATORS 

 
 

A noise shaping SAR quantizer which provides one order of noise shaping in the 

noise transfer function in a ∆Σ modulator is proposed. This scheme uses a charge 

redistribution SAR ADC as a quantizer in the ∆Σ modulator. It can generate and hold 

residue voltage on the top plate of the capacitor array. Combined with timing-relaxed, 

low-distortion ∆Σ architecture suitable for SAR quantization, one extra order of 

noise shaping can be obtained. 

 

3.1. SAR quantizers in ∆Σ modulators  

 

Any types of ADC (analog to digital converter) can be used as a quantizer in ∆Σ 

modulators. Among them, the most widely used is a flash type ADC. However, 

many other types of ADCs have been used as quantizers in ∆Σ modulators, one of 

them is a SAR (Successive Approximation Register) ADC. [9-12]  

Flash ADC is the most popular quantizer in ∆Σ modulators, because it is the 

fastest, easy to implement, and it finishes analog-to-digital conversion in one clock 

phase. This is the main advantage of using a flash type quantizer. If a quantizer 

requires more than 2 clock phases, then the extra clock could make the ∆Σ 

modulation loop unstable – the extra clock makes an extra loop delay in the feedback 

loop and this can cause instability.  

To perform N bit analog-to-digital conversion in a flash ADC, it uses 2
N
-1 number 

of comparators and it consumes 2
N
-1 times of dynamic power of a comparator.  
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On the contrary, when a charge redistribution SAR ADC is used as a quantizer, it 

is composed of capacitor arrays, only one comparator and SAR logics, which control 

operations of ADC.  

The numbers of comparators required for a flash and a SAR ADC are different. 

For a flash ADC, 2
N
-1 comparators are required. However, for a SAR ADC, only 

one comparator is sufficient. Dynamic power consumption of a flash and a SAR 

ADC are also different. For a flash ADC, 2N-1 times of a comparator dynamic power 

is needed for N bit conversion. However, in a SAR ADC, only N times a comparator 

dynamic power is required. Thus, the area and the power consumption required for a 

SAR ADC is smaller than that of a flash ADC.   

However, the number of operation is now increased from one to N times, because 

a SAR ADC requires N clocks for N bit conversion, while a flash ADC requires only 

one clock. In addition, ∆Σ modulations require oversampling thus, the modulator 

clock is oversampling times faster than that of Nyquist rate ADCs. Therefore, 

adopting a SAR ADC as a quantizer in the ∆Σ loop means that a SAR ADC has to 

operate N times faster clock than ∆Σ modulator clock frequency, which is already 

oversampling times faster than that of NyquistADCs.  

Due to this characteristic, a SAR ADC as a quantizer in ∆Σ loop is suitable for 

low to medium signal bandwidth applications. However, the number of bits used in a 

quantizer is usually limited to 3-5 bits in ∆Σ modulators. Thus, a SAR quantizer does 

not require many times faster clock than modulator operating clock.  

In summary, the advantages of adopting a SAR quantizer in a ∆Σ modulator are 

smaller area, low dynamic power consumption in comparison to a flash quantizer, 

and better suitability for low to medium bandwidth analog-to-digital conversion. 
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3.2. Residue extraction from charge redistribution SAR quantizer  

 

The operation steps of a charge redistribution SAR ADC is described below.  

(1)  Both sides of all capacitors are reset to analog ground (common mode 

potential). 

(2)  Input voltage Vin is sampled to the bottom plates of all capacitors of a SAR 

quantizer. 

(3)  Bottom plates of capacitors are switched to analog ground. This changes the 

top plates potential Vx to - Vin. 

(4)  The bottom plate of the MSB capacitor is connected to VREF. This changes 

the Vx potential to –Vin + VREF/2. 

(5)  The comparator compares –Vin + VREF/2 to the analog ground. If Vx is 

smaller than the analog ground, then bit ‘1’ is decided and the bottom plate of 

the MSB capacitor remains to VREF. However, if Vx is bigger than the analog 

ground, then a bit decision of ‘0’ is used and the bottom plate of the MSB 

capacitor has to be switched from VREF to analog ground potential. 

(6)  The bottom plate of the 2nd bit from the MSB is connected to the VREF and 

step (5) is repeated until the SAR quantizer finds all the necessary bits to LSB. 

 

3.2.1. In case of LSB is ‘1’ 

 

In a N-bit charge redistribution SAR quantizer, if LSB is ‘1’ after analog-to-digital 

conversion, then the SAR quantizer’s top plate capacitor voltage Vx is the correct 

residue value.  
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Fig. 3.1 shows this scenario with an example of a 4-bit charge redistribution SAR 

ADC. In this example, the reference top is assumed to be 1V, and labeled as VREF, 

and the reference bottom is assumed to be 0V. Because 4-bit is assumed, 1 LSB 

voltage is 0.0625V, as shown in Fig. 3.1 (a). Vin is assumed to be 0.4377V. 

  

 

(a) 4-bit, 1V quantizer reference 

 

(b) Sample mode with Vin = 0.4377V. 
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(c) Hold mode with Vx = -Vin = -0.4377V. 

 

(d) MSB : b1 calculation with MSB is ‘1’ assumption. 

But because Vx > 0, MSB b1 is ‘0’ 

 

(e) 2nd bit from MSB : b2 calculation with b2 is ‘1’ assumption.  

Vx < 0, b2 is ‘1’  
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(f) 3rd bit from MSB : b3 calculation with b3 is ‘1’ assumption.  

Vx < 0, b3 is ‘1’  

 

(f) LSB : b4 calculation with b4 is ‘1’ assumption. Vx < 0, b4 is ‘1’ 

Fig. 3.1 LSB ‘1’ example of 4-bit, SAR quantizer 

 

After all conversion is done, digital output of the SAR quantizer is ‘0111’ and 

residue voltage is Vin – VDAC(‘0111’) = 0.4377 – 0.4375 = 0.0002 = -Vx.  

Therefore, if  LSB is ‘1’, then the top plate potential of the charge redistribution 

SAR quantizer is the correct residue voltage. In this case, no additional steps are 

necessary to extract the correct residue voltage. 
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3.2.2. In case of LSB is ‘0’ except all ADC code is 0 

 

When LSB is ‘0’ with the exception of it being all zeros ‘0000’, Vx is not the 

correct residue voltage, because SAR algorithm is performed based on the 

assumption that the expected output bit is ‘1’.  

Thus, when LSB is ‘0’, with the exception of it being all zeros, then the 

assumption is incorrect and has to be corrected. Fig. 3.2 shows an example with Vin 

= 0.4372V. The ADC code for this input is ‘0110’. The bit decision procedure from 

MSB to 3rd bit from MSB is the same as shown in Fig. 3.1.  

Fig. 3.2 illustrates the LSB decision procedure. After analog-to-digital conversion, 

Vx is –Vin + 7/16 = 0.0003V – an incorrect residue voltage. This bit decision was 

made based on the assumption that LSB is ‘1’ and it was wrong. Thus, LSB’s 

connection to VREF has to be switched to analog ground and finally it makes Vx = -

0.0622V – the correct residue voltage.  

This example shows that in order to make Vx the correct residue value, another 

extra LSB connection correction clock is necessary. 

 

(a) LSB is decided as ‘0’ with assumption of LSB ‘1’. 
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(b) Vx correction by connecting VREF to gnd on LSB capacitor 

Fig. 3.2 LSB ‘0’ example of 4-bit, SAR quantizer 

 

3.3. Noise shaping quantizer 

 

This section presents the basic concept of a noise shaping SAR quantizer in 

timing-relaxed low-distortion ∆Σ modulator architecture.  

Fig. 3.3 (a) shows the linear model of a quantizer, which converts analog input to 

digital output. Digitized output V is digital representation of analog input Y and 

quantization error E. Therefore, the output of the quantizer can be modeled as 

digitized analog input and additive quantization noise. 

V[n] = Y[n] + E[n]                                              (4.1) 

If the previous quantization error (i.e. residue voltage of previous quantization) 

can be sampled and stored for 1 sample clock, then it can be subtracted from the 

current analog input of the quantizer. If the previous residue voltage e[n-1] is 

subtracted from the current analog input Vin[n], then the input of the quantizer can 

be represented as shown in equation (4.2). The time index ‘n’ represents current 

clock instance and time index ‘n-1’ represents previous clock phase. 

Y[n] = Vin[n] – e[n-1]                                           (4.2)  
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When analog-to-digital conversion is finished, digital output V[n] becomes 

digitized representation of (Vin[n] – e[n-1]) and quantization error e[n]. Therefore, 

the total digital output of a quantizer V[n] becomes equation (4.3). 

V[n] = (Vin[n] – e[n-1]) + e[n] = Vin[n] + e[n] – e[n-1] 

V = Y + (1-z
-1
)·E                                              (4.3) 

Equation (4.3) shows that the output of the quantizer is composed of digital 

representation of the analog input and 1st order noise shaped quantization error.  

Thus, 1st order noise shaping can be obtained. 

 

 

(a) Quantizer linear model. 

 

(b) Quantizer model with residue input. 

Fig. 3.3 Quantizer linear model and concept of noise shaping quantizer 

 

3.4. Quantization of timing-relaxed low-distortion ∆Σ modulator 

 

Low-distortion ∆Σ modulator architecture [4][43] has been popular among all ∆Σ 

modulator architectures, since it was introduced. The reason is that the loop filters of 

this architecture process only shaped quantization errors. Once combined with a 
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multi-bit quantizer, quantization errors become relatively small in comparison to 

reference levels. Thus, the loop filters do not slew and the output swings are kept 

small. Because of this feature, this architecture shows high linearity and analog 

requirements of loop filters are greatly relaxed. Thus, power saving can be achieved, 

while maintaining high linearity. 

Another characteristic of this structure is that it requires an analog summing block 

in front of the quantizer and there is no delay from input to main feedback loop. 

Thus, in single sampling configuration, if the phase 1 is assigned for samplings of 

input and previous loop filter outputs and phase 2 is assigned for loop filter 

integrations, then analog summing has to be performed in the phase 1.  

Because there is no delay from the input of a modulator and the main feedback 

loop, the only available time frame for quantization and DEM is between phase 1 

and 2. This is usually a non-overlap time and very short. Thus, this architecture 

requires fast quantizer and DEM logic circuitry. 

Because of these characteristics, other Nyquist ADC structures are not appropriate 

for low-distortion architecture, because those require multiple clocks for analog-to-

digital conversion. Fig. 3.4 shows low-distortion ∆Σ modulator architecture and 

required timing. 

To overcome the stringent timing requirements for quantization and DEM, timing-

relaxed, low-distortion ∆Σ modulator is proposed. [45][46] In this architecture, one 

full cycle delay can be assigned for quantization and DEM. In this architecture, 

quantization and DEM can be assigned in phase 2 instead of very short non-overlap 

time. The digital output of a quantizer can be used in the following phase 2. Fig. 3.5 

shows timing-relaxed, low-distortion architecture and relaxed timing requirement. 
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Fig. 3.4 Low-distortion ∆Σ modulator architecture and timing 

 

(a) 1st order timing-relaxed low-distortion architecture 

STF = 1, NTF = (1-z-1) 

 

(b) 2
nd
 order timing-relaxed low-distortion architecture 

STF = 1, NTF = (1-z-1)2 

 

(c) timing diagram for timing-relaxed low-distortion architecture 

Fig. 3.5 1st and 2nd order timing-relaxed, low-distortion ∆Σ modulator architecture 

examples and timing requirements 
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With the relaxed timing requirement, any Nyquist ADCs other than flash type can 

be used as a quantizer in a low-distortion modulator for low to medium signal 

bandwidths. Therefore, a charge redistribution SAR ADC is suitable and the residue 

voltage from a SAR ADC can be sampled, stored and re-used. 

 

3.5. SAR quantizer residue sampling and addition in timing-

relaxed low-distortion ∆Σ modulator 

  

In timing-relaxed, low-distortion architecture, sampling and analog signal 

summations are performed in phase 1. In phase 2, integrations, quantization, DEM 

and analog adder feedback capacitor is reset. However, in phase 2, the amplifier for 

the analog active adder itself is idling. Thus, the active adder can be re-configured to 

a unity gain buffer for sampling of residue voltage from top plates of a charge 

redistribution SAR quantizer.  

This sampled residue voltage can be negatively added to the input of the quantizer 

to make the input of the quantizer Vin[n] – e[n-1] instead of Vin[n], during phase 1. 

In phase 2, the SAR quantizer produces a digitized form of V and 1st order shaped 

quantization noise (1-z
-1
)·E. Therefore, the overall noise transfer function of a 

modulator can be increased by one.  

The maximum amount of residue voltage is less than 1 LSB voltage, which is 

small. Thus, residue sampling, then negative addition just slightly increases the input 

of the quantizer. Overhead remains minimal and the output swing requirement of the 

active adder doesn’t change much either. 
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Fig. 3.6 shows the examples of the residue voltage sampling and summation of it 

to the input of SAR quantizer on both 1st and 2nd order ∆Σ modulators. The 

negative signs in diagrams represent opposite sign of input terminals in fully 

differential circuits. 

 

 

(a) Residue voltage sampling on 1st order timing-relaxed low-distortion 

modulator. 

 

  

(b) Residue voltage summation to input of quantizer on 1st order timing-

relaxed low-distortion modulator. 
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(c) Residue voltage sampling on 2nd order timing-relaxed low-distortion 

modulator 

 

(d) Residue voltage summation to the input of quantizer on 2nd order timing-

relaxed low-distortion modulator. 

 

Ф1
input sampling

active adder addition

RESET

RSPL

SAR
operation

Ф2 Integration

Ф1

Ф2

 

(d) Timing diagram of noise shaping SAR quantizer operation. 

Fig. 3.6 Residue voltage sampling and summation examples on 1st and 2nd order 

timing-relaxed, low-distortion ∆Σ modulators and required timing 



43 

 

 

 

Fig. 3.7 Analog error feedback structure 2nd order example 

 

This proposed scheme is different from the error feedback structure. When an 

error feedback structure is implemented in an analog domain, small coefficient 

mismatches can cause significant NTF zero location deviations and serious noise 

shaping performance degradation. Fig. 3.7 shows a 2nd order error feedback 

structure example.  

Unlike the error feedback structure, the proposed method is using of an unused 

active block. The residue voltage feedback location is inside the modulation loop and 

after the last stage of loop filters. Therefore, the sensitivity of NTF zero location is 

much lower than an analog error feedback structure. 

 

3.6. Simulation results 

 

Fig. 3.8 shows macro model simulation results of 1st and 2nd order timing-relaxed, 

low-distortion ∆Σ modulators with and without a noise shaping SAR quantizer. 

Simulation conditions were set as followings: signal bandwidth 5 MHz, target ENOB  

≥ 12 bit, OSR 16, 4-bit, 15-level quantizer, sampling frequency of 160 MHz, SQNR 
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MAX = 83~87 dB, SQNR + kT/C thermal noise = 76~77dB, 0.18µm process with 

1.8 V supply, differential full-scale reference = 2VPP, 1st sampling capacitor = 1pF. 

Simulation results show one noise shaping order is increased through proposed 

scheme.  

 
(a) Comparison between 1st order and 1st order with noise shaped SAR quantizer 

modulator. 

 

(b) Comparison between 2nd order and 2nd order with noise shaped SAR 

quantizer modulator. 

Fig. 3.8 Simulation result comparison between with and without noise shaped SAR 

quantizer in low-distortion ∆Σ modulators 
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3.7. Summary and conclusion 

 

A noise shaping SAR quantizer which provides one order of noise shaping in the 

noise transfer function was proposed. This scheme relies on the characteristic that a 

charge redistribution SAR ADC can generate and hold residue voltage on the top 

plate of capacitor array after analog-to-digital conversion combined with LSB 

correction. Because a SAR ADC requires multiple clocks for multi-bit conversion, 

this scheme was applied to timing-relaxed, low-distortion ∆Σ architecture.  

During the analog-to-digital conversion phase, an active adder is idling. Thus, 

amplifier for the active adder is used for sampling of residue voltage by changing 

configuration to a unity gain buffer. The held residue voltage is added to the 

following analog signal summation phase. This makes the input of the quantizer 

Vin[n] – e[n-1] instead of Vin[n]. After analog-to-digital conversion, the quantizer 

produces 1st order shaped quantization noise (1-z
-1
)·E in addition to digitized form of 

Vin[n]. Therefore, the overall noise transfer function is increased by one. The 

proposed scheme is now in the last stage of the ∆Σ modulator loop. This scheme is 

less sensitive compared to analog error feedback structures.  
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CHAPTER 4.  A DOUBLE-SAMPLED LOW-DISTORTION 

CASCADE ∆Σ MODULATORS WITH AN 

ADDER/INTEGRATOR FOR WLAN APPLICATIONS 

 
 

A cascade switched-capacitor ∆Σ analog-to-digital converter suitable for WLAN 

applications is presented. It uses a noise folding free double sampling and an 

improved low-distortion architecture with an embedded-adder integrator. This 

architecture eliminates one active stage and reduces the output swings of the loop-

filters and non-linearity. It was fabricated with a 0.18um CMOS process. The 

prototype chip achieves 75.5dB DR, 74dB SNR, 73.8dB SNDR, -88.1dB THD, and 

90.2dB SFDR over 10 MHz signal bandwidth with FoM of 0.27 pJ/conv-step. 

 

4.1. Types of ADCs and trends 

 

There are many different ADC architectures depending on resolution, conversion 

bandwidth and speed specifications. Each has its’ own advantages and disadvantages. 

For high speed and low to medium accuracy, flash, pipeline, two-step, interpolating, 

folding and time interleaved ADC architectures are widely used. For medium speed 

and medium accuracy, SAR and algorithmic ADCs are usually used. For low to 

medium speed and high accuracy, integrating and oversampling ADC architectures 

are usually used. Fig. 4.1 shows types of ADC architectures with different bandwidth 

and accuracy i.e. resolution bits. 

 



 

 

Current market trends and demands from wire

systems are higher resolution and higher speed ADCs. Th

communication standards require faster and more amount of data 

Therefore, these requirements 

bandwidth and higher 

and less power consumption,

Therefore, it is becoming

consumption requirements wi

are apt to be realized with fine line processes

 

4.2. Wideband high resolution ADC motivations

 

Recent dominant trend of consumer electronics 

mobile communication

for faster data transmission and reception. 

Fig. 4.1 Types of ADCs and trends 

market trends and demands from wired to wireless

systems are higher resolution and higher speed ADCs. Th

communication standards require faster and more amount of data 

these requirements continuously push ADC specifications to have higher 

higher accuracy. As semiconductor process evolves

and less power consumption, these requirements are more and more realizable

is becoming easier to achieve high speed, high accuracy

consumption requirements with finer line processes. This suggests that most ADCs 

to be realized with fine line processes. 

Wideband high resolution ADC motivations 

ecent dominant trend of consumer electronics mainly from wired to wireless and 

communication are wider bandwidth and higher resolution data converters 

for faster data transmission and reception.  
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to wireless communication 

systems are higher resolution and higher speed ADCs. This is because new 

communication standards require faster and more amount of data exchange. 

push ADC specifications to have higher 

s semiconductor process evolves to faster speed 

more and more realizable. 

easier to achieve high speed, high accuracy, and low power 

This suggests that most ADCs 

 

mainly from wired to wireless and 

wider bandwidth and higher resolution data converters 
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Depending on various communication standards for both wireless and mobile 

standards, ADC specifications are varying. Table 4.1 shows general overview of 

required ADC specifications for various communication standards.  

 

Table 4.1 Wireless and mobile ADC specifications 

 

 

Data converter bandwidth specifications are decided by communication standards. 

However resolution and dynamic range specifications are highly affected and 

decided by overall receiver and transmitter system configurations.  

In a receiver system, RF and ADC specifications have an inversely related. If RF 

system specifications are tight, then ADC resolution and dynamic range 

specifications can be loosened. Conversely, if RF system specifications are not very 

tight, then ADC specifications have to be raised. 

Even though, data converter resolution specifications are tradeoff relations 

between RF and baseband circuits, one peculiar characteristic is that all 

communication systems require at least 70dB or higher dynamic range.  

Though process capabilities are evolving, 70dB matching accuracy is still difficult 

to achieve. Because of this, Nyquist data converters, which don’t have a special 



49 

 

trimming process or calibration scheme, are not adequate for communication 

applications, even though some Nyquist ADCs such as SAR ADC can achieve 

highest power efficiency. 

 On the contrary, oversampling ∆Σ data converters are adequate for realizations of 

over 70dB dynamic range. Thus, there have been various efforts and trials to 

increase bandwidth while maintaining low power consumption in realization of ∆Σ 

data converters. ∆Σ data conversion is realized by both oversampling and noise 

shaping techniques. It uses faster clock then Nyquist converters and consumes a little 

more power and some parts of ∆Σ data converters have to operate at the speed of 

over sampled clock frequency, it can easily achieve 70 dB and even higher dynamic 

ranges. 

 

4.3. Continuous and discrete time approach 

 

There are two different approaches in realizations of ∆Σ ADCs – CT (Continuous 

Time) realization and DT ( Discrete Time ) realization, respectively. The CT method 

was popularized because trends required wider bandwidth with high dynamic range. 

Key characteristics of both CT and DT realization are followings.  

Because loop filters of CT modulators have finite bandwidth and play a role as 

inherent anti-alias filters, CT has inherent anti-alias filter function. In contrast, DT 

modulators require a separate anti-alias filter before processing to avoid aliasing. 

However, because of the oversampling nature in ∆Σ data conversion, anti-alias filter 

specifications of ∆Σ ADCs are much relaxed compared to those of Nyquist ADCs.  

CT can generally process wider bandwidth compared to DT, because there are no 

small settling requirements in loop filters. However, synthesis and simulations of DT 
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are easier and robust. In addition, signal bandwidth of DT is scalable and 

proportional to operational frequency. On the contrary, CT has a fixed operating 

frequency and signal bandwidth. Thus, it has sensitive absolute value variations of 

both passive resistors and capacitors, which define loop filter poles and zeros. 

Usually, the absolute value variations of passive resistors is around +/- 25% and the 

variations of capacitors are +/- 10% range, therefore indicating that loop filter poles 

and zeros of CT can be varied more than +/- 30%.  

Stability and performance of CT is strongly affected by loop delay, which varies 

depending on the magnitude of input of the quantizer. Thus, loop delay in CT can 

lower performance or make the system unstable. Jitter sensitivity of DT is lower, 

because jitter requirement of DT is roughly divided by the oversampling ratio. 

However, in case of CT, jitter directly affects loop delay variations and can cause 

performance degradation and instability. Soc adaptability of DT is higher, because it 

is less sensitive to external interference compared to CT ADCs. 

Both CT and DT implementation has its own advantages and disadvantages. 

Generally CT is known to process wider bandwidth than DT due to its more relaxed 

loop filter bandwidth requirements. However, with devising and applying power 

saving techniques, the power efficiency of DT ADC can be raised while maintaining 

the advantages of DT ADC. 

  

4.4. Double sampling technique 

 

Fig. 4.2 shows a timing diagram of single sampling DT ∆Σ ADCs. In a single 

sampling scheme, one phase is assigned for sampling and the other phase is assigned 

for integration. 
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During the sampling phase, loop filter components hold previously stored 

information on the memory device i.e. feedback capacitor. During this phase, active 

components are idling and this can be regarded as energy wasting. To prevent energy 

wasting, switched op-amp [13-15] and double sampling techniques [16-25] [42] 

were devised. Both schemes aim at lessening energy waste, but implementation for 

each are different.  

 

 

Fig. 4.2 Timing diagram of single sampling ∆Σ modulator 

 

In the switched op-amp technique, the power of the amplifiers are turned off 

during the sampling phase and subsequently restored during the integration phase. 

However, when the power is restored, it takes some time for the amplifier to have a 

proper operating point. Thus, improved schemes have been devised to reduce wake 

up time, such as not fully turning off the power [26].  

The double sampling technique attempts to use both phases. Thus, it requires 2 

capacitors and each one is assigned for sampling and integration but on different 

phases. Fig. 4.3 and Fig. 4.4 show the timing diagram of a double sampling 

modulator and a double sampling integrator schematic, respectively. In Fig. 4.4 

when CS1 is used for sampling, CS2 is used for integration. During phase 2, the roles 

of CS1 and CS2 are changed. Capacitors CDAC1 and CDAC2 are used for phase 1 and 

phase 2 respectively. During phase 1, CDAC1 is used for DAC operation and CDAC2 is 

reset. During phase 2, the roles of CDAC1 and CDAC2 are switched.  
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Thus, in the double sampling scheme, sampling and integration occur in every 

phase and the amplifiers are always working. Unlike switched op-amp scheme, no 

wake up time is necessary and more importantly, it can effectively double the 

amplifier bandwidth without using extra energy. Thus, the double sampling scheme 

is very power efficient. 

 

4.4.1. Sampling capacitor mismatch 

 

The two capacitors used for double sampling cannot be identical. During the 

manufacturing process, the 2 capacitor absolute values cannot be the same value. 

Thus, there is some mismatch between the 2 capacitors. In sampling capacitors, 

mismatch can be expressed as (3.1) and SC  represents the mean value of the 2 

sampling capacitors and SC∆ represents the difference between the 2 sampling 

capacitors, respectively. 

2/1 SSS CCC ∆+= , 2/2 SSS CCC ∆−=                              (3.1) 

These 2 different sampling capacitors make the unwanted amplitude modulation 

term described in (3.2) at the output of integrators. 
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As equation (3.2) shows, the output of the integrator has an extra term, which is 

the amplitude modulation. The effect of this can be clearly observed in the frequency 

domain. Fig. 4.5 illustrates the amplitude modulation effect in frequency domain. 
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Fig. 4.3 Timing diagram of double sampling ∆Σ modulator 

 

Fig. 4.4 Double sampling integrator circuit 

 

 

Fig. 4.5 Amplitude modulation effect of sampling capacitor mismatch in double 

sampling circuit 
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Input signal is usually band limited before analog-to-digital conversion, to prevent 

aliasing. As long as the signal is band limited, the amplitude modulation effect 

results in moving fraction of input signal power to near π rad/sample and the amount 

of modulation is 
S

S

C

C

2

∆
.  

Near π rad/sample, there is high power quantization noise in low pass ∆Σ 

modulators. Compared to high power quantization noise near the π rad/sample, the 

amplitude modulated power 
S

S

C

C

2

∆
is small. Thus, addition of modulated power is 

slight increase near the π rad/sample and does not hurt stability. Thus, the 

modulation effect of sampling capacitor mismatching does not cause serious problem. 

 

4.4.2. DAC capacitor mismatch 

 

Like the mismatch expression between 2 sampling capacitors, the mismatch 

between 2 DAC capacitors can be expressed as (3.3), where DACC  represents the 

mean value of the 2 DAC capacitors and 
DACC∆  represents the difference between 

the 2 DAC capacitors respectively. 

2/1 DACDACDAC CCC ∆+= , 2/2 DACDACDAC CCC ∆−=                 (3.3) 

Mismatch also causes the amplitude modulation and this is expressed by equation 

(3.4). 
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As equation (3.4) shows, DAC capacitor mismatch also causes amplitude 

modulation. However, the difference is frequency components of DAC is not band 
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limited. The frequency components exist from DC to π rad/sample. Fig. 4.6 shows 

the effect of DAC capacitor mismatch in the frequency domain. 

 

 

Fig. 4.6 Amplitude modulation effect of DAC capacitor mismatch in double 

sampling circuit 

 

In case of DAC mismatching, the amplitude modulation moves a fraction of the 

high power quantization noise around π rad/sample into signal bandwidth.  

In the signal bandwidth of any ∆Σ modulator, there has to be as little noise as 

possible to achieve high SQNR (Signal to Quantization Noise Ratio). For this reason, 

both oversampling and noise shaping techniques are used. However, the amount of 

amplitude modulation 
DAC

DAC

C

C

2

∆
 is generally huge compared to noise powers in the 

signal bandwidth. Folded noise 
DAC

DAC

C

C

2

∆
 ruins all efforts of lowering noises in the 

signal bandwidth. Thus, noise folding from DAC capacitor mismatch seriously 

degrades overall performance. This phenomenon is called the noise folding problem 

of the double sampling technique. 
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4.4.3. Approaches to overcome capacitor mismatch problem 

 

Several approaches have been created to overcome the noise folding problem. One 

of which is the Senderowicz double sampled integrator, as shown in Fig. 4.7. In this 

figure, only DAC capacitors are shown. 

 

 

Fig. 4.7 Fully floating double sampling integrator 

 

In the Senderowicz’s fully floating double sampling integrator [21], the 2 DAC 

capacitors are alternatively connected between the negative and positive input of the 

integrator. Thus, the amplitude modulation term is canceled. However, this adds a 

bilinear component in the numerator of an integrator transfer function as shown in 

(3.5) 
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And this includes a zero not in DC, reducing the amount of quantization noise 

shaping. Therefore, it reduces the noise shaping efficiency of the ∆Σ modulator. Fig. 

4.8 illustrates an efficient fully floating double sampling integrator. [27] In this 

technique, the difference charge is transferred to the feedback capacitor, as shown in 
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equation (3.6). Unlike a fully floating integrator, the difference charge −+ −= qqdq  

remains the same in both phase 1 and 2. 

 

 

 

Fig. 4.8 Efficient fully floating double sampling integrator  
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Thus, the modulation effect of the differential signal is greatly reduced. However, 

this requires 2 extra capacitors, reducing the feedback factor and increase of load. 

Therefore, the amplifier needs more power than the previous technique.  

A noise folding free double sampling integrator is proposed. [28] Unlike other 

schemes, this uses only one DAC capacitor. Thus, inherently, there is no noise 

folding problem, because there is no mismatch. 
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(a) Noise folding free double sampling integrator 

 

(b) Timing digram 

Fig. 4.9 Noise folding free double sampling integrator and timing diagram 

 

In the previous mentioned schemes, DAC capacitors, not used in current phase, 

are reset while other DAC capacitors are used for DAC operation. However, in this 

scheme, DAC capacitors are reset during the non-overlap time ΦR and DAC 

capacitors are used both  Φ1and Φ2 i.e. ΦL.  

This noise folding free technique is especially useful for wide bandwidth, low-

power applications. Wideband applications require SQNR to be around 80 to 90dB 

and thermal noise (kT/C noise) to be usually 75 to 85dB.  

These requirements are much lower than those of low bandwidth, high resolution 

applications. Thus, the absolute values of sampling and the DAC capacitor size of 

wideband modulators are smaller than that of low-bandwidth, high-resolution ones. 
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Depending on specifications, the actual capacitor values for wideband modulators 

are in the 0.8pF to 2pF range. Thus, reset during short non-overlap time does not 

require large reset switch sizes. This makes it helpful in reducing dynamic switching 

power. Therefore, this scheme is suitable for wideband, low-power ∆Σ analog-to-

digital conversion applications. This is successfully implemented and demonstrated 

in [28] 

 

4.5. Architecture for wideband operation 

 

∆Σ data conversion started with narrow bandwidth, high resolution applications. 

For this, high oversampling ratio was used. However, in wideband application, the 

signal bandwidth itself is wide, making it difficult to use high oversampling ratio, 

because power consumption is increases in proportional to oversampling ratio.  

The in-band noise power estimation equation (3.7) is based on the assumption that 

narrow signal bandwidth and high oversampling ratio are used. Thus, this equation 

cannot accurately estimate in-band noise power of wideband and low OSR ∆Σ 

analog-to-digital conversion applications. 
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Unlike single loop ∆Σ modulators, even with very low oversampling ratio, 

cascade ∆Σ modulators can generate very low in-band noise power almost as 

similarly described in equation (3.7). Thus, it can make an almost ideal SQNR 

estimated from traditional SQNR estimation equations. This is one of the reasons 

why cascade ∆Σ modulators are usually chosen for wideband ∆Σ analog-to-digital 

data conversion applications. Another advantage of cascade ∆Σ modulator is overall 
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modulator order can be increased without stability problems i.e. overall modulator 

order is summation of each stable modulator.  

However, one of the disadvantages of cascade modulators is leakage from 

mismatch between the analog and digital transfer functions Another disadvantage is 

that cascade ∆Σ modulators generally require higher DC gain to reduce the leakage 

problem. 

 

4.5.1. Architecture for wideband operation 

 

Low-distortion architecture [4][37][43] has been popular, since it was introduced. 

One of the main characteristics of this architecture is that it has STF (Signal Transfer 

Function) of 1. This means that there is no signal drooping near upper band edge in 

the signal bandwidth. On the contrary, most other architectures have low-pass STF, 

which has some drooping around the upper band edge in the signal bandwidth. 

Another main characteristic is reduced integrator output swings. In this architecture, 

loop filters process only shaped quantization noise of the modulator. Loop filter 

swings are bound with defined quantization errors and combined with a multi-bit 

quantizer, causing very low loop filter output swings. Thus, no slewing happens at 

the loop filters, resulting in reduced power dissipation and excellent linearity. 

Overall, the analog circuit requirements are very relaxed. Fig. 4.10 shows a 2nd 

order example of a low-distortion modulator. 
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Fig. 4.10 2nd order low-distortion ∆Σ modulator 

 

However, this architecture requires analog adder block which may suffer from 

kick back to the input signal source and the loop filters. The adder output swing is 

large due to large input signal added. Thus, if an adder is implemented with an 

amplifier, this active block suffers from slewing and consumes more power than the 

loop filters. Another disadvantage to this architecture is that quantization and DEM 

timing is critical. These have to be finished within a short non-overlap time. 

A lot of research has been done to find ways to overcome these disadvantages of 

low distortion architecture, while maintaining advantages. One possible solution is 

the improved low-distortion ∆Σ modulator. 

 

 

Fig. 4.11 2nd order improved low-distortion ∆Σ modulator 

 

Fig. 4.11 shows a 2nd order improved low-distortion ∆Σ modulator. This 

modulator requires only 2 integrators i.e. analog adder is absorbed to the 2nd 
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integrator. Thus, the number of required active components is reduced from 3 to 2. 

Because the input signal is fed to the input of 2nd modulator, it is immune to kick 

back. All loop filters are now delayed integrators, therefore, making this modulator 

beneficial for fast settling and power-saving. 

However, the feedback factor of 2nd integrator is lowered and the 2nd integrator 

output swing is large, due to its large input signal. Thus, it is susceptible to slewing 

and non-linear distortion, and therefore it consumes higher power, and an additional 

DAC function is necessary for the 2nd integrator.  

Unlike conventional low-distortion architecture, output of the 2nd integrator is not 

quantization noise. Thus, to be used as a 1st modulator in the cascade architecture, 

quantization noise of the 1st modulator has to be extracted by assigning a dedicated 

sampler and DAC circuit. The capacitor value for this function is proportional to the 

inter stage gain. Thus, there are some limitations on choosing a large value for the 

inter stage gain. STF is now z
-1
 instead of 1, however, it still retains a unity signal 

transfer function benefit. 

 

 

Fig. 4.12 Gain scaled 2nd order improved low-distortion ∆Σ modulator 

 

To overcome the large swing problem at the output of the 2nd integrator, gain-

scaling is applied. Fig. 4.12 shows a gain-scaled improved low-distortion ∆Σ 

modulator. By applying gain-scaling, the 2nd integrator output swing is greatly 
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reduced and the 2nd integrator does not suffer from slewing thus, enabling a 

reduction in power consumption. Simultaneously, the feedback factor of the 2nd 

integrator is increased and is also helpful in reducing power consumption. Therefore, 

this architecture is suitable and chosen for the first integrator of a cascade modulator 

for wideband applications. However, the quantizer has to use reduced reference to 

compensate for reduced gain. Thus, 1/4 reduced reference is used for quantization, as 

shown in Fig. 4.13. In this implementation, positive reference VRP is 1.4V, negative 

reference VRN is 0.4V, and the output common mode voltage is 0.9V, making single 

full scale reference 1Vpp. However, the positive reference for quantizer VRPQ is 

1.025V and the negative reference for quantizer VRPN is 0.775V. With reduced 

quantization reference, the quantizer needs to be more accurate. A Monte-Carlo 

simulation is performed to verify if the designed quantizer can accurately 

discriminate LSB voltage with reduced reference. Fig. 4.14 shows 1000 times, 3 

sigma Monte-Carlo simulation results of offsets to a designed quantizer. This result 

shows a maximum differential offset is 15.2mV, less than half of 1 LSB. 1 LSB 

voltage is 31.3mV. Thus, a designed quantizer can be used with 1/4 reduced 

reference. 

 

4.5.2. Cascade architecture 

 

In designing of a wideband, low power ∆Σ analog-to-digital converter, it is 

important to find the out optimum point for oversampling ratio, modulator order, and 

number of bits in the quantizer. Stability, power consumption, etc. should also be 

considered. The order of cascade architecture can be raised without stability 

problems and it can generate very high SQNR even with low oversampling ratio. 
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[32][35-36][44] However, analog and digital transfer functions have to be matched. 

For this reason, high DC gain amplifiers are necessary. 

 

4.5.3. Cascade architecture for WLAN application 

 

For WLAN applications, 2-2 cascade architecture was chosen for low power 

consumption, as shown in Fig. 4.15. To obtain 12 bit ENOB ( = 74dB SNDR ), 

SQNR target was set to have at least 80 dB. To meet this specification, the 1st and 

2nd modulator quantizer bits were adjusted and set to have 13 levels and 9 levels, 

respectively. The SQNR was set to make over 82.7dB. For low power consumption, 

the oversampling ratio was set as low as possible, at OSR.  

 

 

Fig. 4.13 Reduced reference for quantization 



 

Fig. 4.14 C

 

 

For a signal bandwidth of 10MHz, the output data rate of the modulator has to be 

160MHz. Using the

modulator operating clock frequency is 80

power consumption can be greatl

Comparator offset simulation result with reduced reference

Fig. 4.15 Architecture for WLAN application

bandwidth of 10MHz, the output data rate of the modulator has to be 

ing the noise folding free double sampling technique, 

operating clock frequency is 80MHz. Because of this feature, 

power consumption can be greatly reduced. 
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simulation result with reduced reference 

 

Architecture for WLAN application 

bandwidth of 10MHz, the output data rate of the modulator has to be 

noise folding free double sampling technique, the actual 

Because of this feature, the analog 
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Because the OSR is only 8, the quantization noise in the signal bandwidth is not 

flat. Near the upper bandwidth edge in the signal bandwidth, there is a lot more 

quantization noise in comparison to lower frequency. This region is heavily 

dominated by quantization noise, thus zero is inserted near the upper signal 

bandwidth edge to suppress the effect of the high quantization noise. This zero 

insertion was implemented in 2nd modulator. Fig. 4.16 shows a comparison between 

with and without zero insertion. With zero optimization, SQNR is increased from 

72dB to 82.7dB, all other configurations remaining the same.  

 

Fig. 4.16 SQNR difference with and without zero 

 

The reason why an inter-stage gain of only 2 was used was, because the 

magnitude of inter-stage gain is proportional to the loading of the 1st modulator’s 

2nd integrator. In a conventional low-distortion architecture, the output of the 2nd 

integrator is quantization noise itself. However, in improved low-distortion 

architecture, the output of the 2nd integrator is not quantization noise because the 

input signal is included. Thus, to extract quantization noise, a sampler and DAC 
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composed of capacitors are necessary. The magnitude of these capacitors is the inter-

stage gain. Thus, to minimize power consumption, an inter-stage gain 2 is used. 

A conventional 2nd order CIFB ∆Σ modulator was chosen for 2nd stage 

modulator of 2-2 cascade modulator. It processes only the 1st and 2nd modulator’s 

quantization noise. Thus, the output swings of the 2nd modulator are small. There 

are little kT/C noise requirements. [38] Thus, the smallest possible capacitors were 

used for all 2nd modulator capacitors. Due to these small capacitive values, loadings 

are small and power can be saved. 

All capacitor mismatch simulations were performed with matching accuracy of 

8.5 bits. Matching accuracy information came from the design manual of a foundry 

and it is a 3 sigma matching accuracy with the minimum value of a capacitor.  

After mismatch simulations and power consumption estimation of DEM circuits, 

it was decided to apply DEM only in the 1st stage modulator. The 2nd modulator 

processes only quantization noises of the 1st and 2nd modulators. Thus, the outputs 

of integrators are small, bounded and do not generate large non-linearity. This makes 

circuit implementation simple.  

Because the 2nd modulator’s integrator outputs are small and bounded, digital 

outputs are also bounded. Digital outputs are always center code and center code +1 

or center code- 1 out of 9 possible levels. i.e. in the thermometer code, all possible 

codes are 0 0001 1111, 0 0011 1111 and 0 0000 1111. Thus, the only 2 comparators 

can be used, and the comparator power and area can be saved. 

However, because double sampling is being used, there is no time frame for 

quantization and DEM other than a short non-overlap time. Thus, fast quantization 

and DEM circuitry are necessary. For fast DEM, p-DWA (partial DWA) [10][40][42] 

is adopted. p-DWA can divide 4 bit data into 2 sets of 3 bit data. Therefore, a 2 gate 
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delays can be saved. With the given 0.18µm process, one gate delay is 70psec, thus 

by adopting p-DWA, roughly 0.14nsec time can be saved. For fast DWA logic 

circuitry, a barrel shifter type DWA was used. 

 

4.6. Double sampling in 80(160)MHz 

 

Fig. 4.17 shows a timing diagram for sampling frequency at 80MHz. With this 

frequency, signal bandwidth is 10MHz and the modulator digital output data rate is 

160MHz due to double sampling. With sampling frequency at 80MHz, one clock 

period is 12.5nsec. To assign more time for amplifier’s integration and settling, time 

for quantization and DEM have to be as short as possible. However with given 

0.18µm technology, it takes 1.3nsec and this operation occurring twice in one period. 

To compare simple process capability, same circuit was simulated with a 90nm 

process and it takes less than 0.45nsec. 

 

Integration = 

4.75 nsec(210MHz)

1 period = 12.5n sec.

Quantization

+ DEM = 1.3n sec.

Quantization

= 0.5n sec.

DEM

= 0.73n sec.

Integration = 

4.75 nsec(210MHz)

1 period = 12.5n sec.

Quantization

+ DEM = 1.3n sec.

Quantization

= 0.5n sec.

DEM

= 0.73n sec.

1 period = 12.5n sec.

Quantization

+ DEM = 1.3n sec.

Quantization

= 0.5n sec.

DEM

= 0.73n sec.

 

Fig. 4.17 Detailed timing diagram for double sampling 
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A 1.3nsec non-overlap time has to be divided between quatization and DEM. For 

quantization, only 0.5nsec is available i.e. quantizer has to operate at the speed of 2 

Gs/s. However, any known comparator and latch architecture couldn’t operate over 

800 Ms/s with given technology. Thus, a new quantizer was devised and proposed.  

Because quantization and DEM takes 2.6nsec in one period, one integration time 

is reduced to 4.75nsec and the equivalent speed is increased to 210MHz. Amplifiers 

were designed to have the appropriate bandwidth for required settling. This extra 

power requirement can be relaxed by using a finer line process in which quantization 

and DEM time is shorter. 

 

4.7. High speed low power comparator 

 

No known comparator can work to the required high speed with the give 

technology, thus a new comparator is devised. It iss necessary for a new quantizer to 

consume as little power as possible in both static and dynamic power while meeting 

the speed requirements.. 

Conventional comparators start comparison as soon as integration phase is 

completed and compare between sampled voltage and pre-charged reference. Before 

comparison, the 1st latch is pre-charged to one of the power rails i.e. either power 

supply or ground potential. Depending on pre-amplifier output, the 1st latch 

generates digital output. If output of the 1st latch is the same as the pre-charged 

value, then the 1st latch speed is very fast. However, if output of the 1st latch is 

opposite to the pre-charged potential, then the transition time takes longer. 

In the proposed comparator circuit, the pre-amplifier is always working and 

continuously amplifying during the integration period to reduce pre-amplification 
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time. Because of this, a small 1µA static current is assigned for continuous 

amplification. In order to speed up the 1st latch transition time, a small static current 

and a special clock are used. Usually the latch starts decision from one of the power 

rails, however if the output is opposite, then the transition time takes longer. To 

relieve this issue, a small static 4µA current is assigned to the 1st latch and combined 

with a large resistive switch. The 1st latch starts decision from approximately half of 

the power rails and reduces the 1st latch transition time. To further raise operation 

speed, a special clock ΦC is used. This clock turns on 1st the latch slightly earlier 

than falling edge of integration clock. In other words, this turns on the 1st latch 

slightly before the comparison start time. This allows the 1st latch to be ready for 

latch operation and further reduces operation time. By modifying these, this 

comparator could meet the speed specifications. Fig. 4.18 shows proposed 

comparator schematic and timing diagram for operation. 

 

(a) Proposed high speed low power quantizer 
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(b) Timing for fast comparator 

Fig. 4.18 Proposed high speed low power quantizer and required timing 

 

4.8. Amplifier design 

 

Power efficient, one stage telescopic amplifiers were used for all integrator 

implementations. With gain-scaling and other characteristics, output swings of 

integrators are all small. Thus, there is no slew, no large swing requirements, and no 

voltage headroom issues with telescopic amplifiers. 

Cascade architecture requires a high DC gain amplifier especially for the 1st 

amplifier. The SQNR can be obtained from the 1st stage modulator is roughly 53dB. 

Generally, DC gain requirements of amplifiers in ∆Σ modulator are decided through 

division obtainable SQNR by loop filter orders. Thus, if only the 1st stage modulator 

is used, then DC gain requirement is roughly obtainable SQNR divided by 2nd order 

i.e. 27dB is enough.  

However, total system is 2-2 cascade. Thus, system simulations showed DC gain 

requirement of the 1st amplifier of the 1st stage modulator has to be at least 43dB for 

negligible leakage, and the DC gain requirement of 43dB is 16dB higher than single 

loop modulator case. At least 43dB DC gain could be obtained without applying 

special circuit techniques such as gain boosting. Therefore, in typical condition, an 
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amplifier DC gain is designed to have 55dB, and at least 49.5dB is guaranteed even 

with worst case process parameters. 

 

 

Fig. 4.19 Telescopic amplifier schematic 

 

For the maximum trans-conductance with given energy, NMOS input pairs was 

used and input pair transistors’ operating point was set near sub-threshold region. 

Putting transistors into sub-threshold region can make higher trans-conductance. 

However, it requires a high W/L ratio and can make a large input parasitic 

capacitance. Thus, this technique is generally useful with very fine line processes. 

The relationship between obtainable trans-conductance and parasitic capacitance 

of input pairs is simulated and optimum point was chosen and used as operating 

point. Through these simulations, the W/L ratio for maximum bandwidth with 

minimum energy consumption was determined. The switched capacitor common 
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mode feedback is used. Due to the use of double sampling, 2 sets of output common 

mode sampling capacitors were used for the common mode feedback circuits. 

 

4.9. Design target 

 

To prove the proposed techniques for wideband low-power discrete time ∆Σ 

analog-to-digital converter, the following specifications are set.  

Sampling frequency : sampling frequency of ADC is 160MHz. However, because 

it uses noise folding free double-sampling technique, real clock frequency is 80MHz. 

Signal bandwidth : 10MHz 

Application : 802.11 a/b/g WLAN applications 

Oversampling ratio : 8 

Process : 0.18µm, double-poly, 4 metal process 

Supply voltage : 1.8V 

Power consumption target  < 25mW ( Analog < 10 mW / Digital 15 mW ) 

Dynamic range > 72dB 

SNDR > 70dB 

THD < - 85dB 

Full-scale reference : 2 Vpp,differential 
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4.10. Simplified schematic 

Fig. 4.20 shows a single ended representation of the proposed modulator 

architecture. Required timing for this is shown in Fig. 4.18 (b). 

Digital Filter Block

Off-chip MATLAB

 

Fig. 4. 20 Single ended circuit representation of proposed modulator 
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4.11. Experimental results 

 

Fig. 4.21 shows a PCB layout design. Most signal routings were done on both top 

and bottom plates. To reduce coupling and for easy debugging, the top and bottom 

plates are not filled with ground. The 2nd layer from the top is used for a power 

plane and the 3rd layer is used for ground plane. 0.1µF and 10µF power decoupling 

capacitors are placed near DUT (Device Under Test). Power supply connections, 

amplifier bias controls, and clock time controls are placed at the left side of the top 

layer, and digital supply and digital signal connections are placed on the right side of 

PCB board.  

Because the output data rate is 160MHz, decimation circuit placed in the chip. 

This generates two sets of 4-bit binary encoded 80MHz digital outputs for the 1st 

and 2nd modulators. Strong digital buffer drivers are placed in the chip and and an 

external 20 bit digital buffer chip is used on the test board to reduce external 

capacitive loading. The loading of this chip is less than 1pF. 

A reference clock is generated from a prototype IC to synchronize the decimated 

data. This reference clock is used as a sampling clock for digital data capturing. This 

data was captured through a logic analyzer with a speed of 80 MHz, and was 

subsequently combined and restored in MATLAB. Fig. 4.23 shows the test 

configuration for the prototype chip. 

Fig. 4.24 shows die photos and the layout floor plan. Total 4mm x 4mm die is 

used and prototype ADC occupies 0.62mm
2
.  
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Fig. 4. 21 PCB layout design 

 

 

 

Fig. 4.22 Testing picture 
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Fig. 4. 23 Block diagrams of test setup 

 

Fig. 4.25 shows the measured performance with -1.5dBFS sine wave input. It 

showed 90.2dB SFDR, -88.1dB THD, 73.8dB SNDR over 10MHz bandwidth. The 

noise shaping slope clearly shows 80dB/dec and this proves that total noise shaping 

order is 4. 

 

 

Fig. 4.24 Die photographs 

Some tones and non-linear harmonics can be observed. These can be DAC non-

linearity from 2nd stage modulator, because no DEM was applied to the 2nd 
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modulator, and even order harmonics can be from imperfection of fully differential 

circuits. 

Fig. 4.26 shows measured SNR and SNDR vs. input signal power. This illustrates 

how non-linearity is dominant, depending on input signal powers. However, because 

the prototype chip shows excellent linearity, overall SNDR is not dominated by non-

linear distortions. Thus, peak SNR and SNDR are close. The peak dynamic range is 

75.5dB. 74dB SNR are measured with -1.5dBFS input. 

 

 

Fig. 4.25 Measured output spectrum with -1.5dBFS sine wave input 

 

Table 4.2 summarizes the measured performance. Signal bandwidth is 10 MHz, 

clock frequency is 80MHz, digital output rate is 160MHz due to double sampling. 

The peak DR 75.5dB, SNR 74dB, SNDR 73.8dB, SFDR 90.2dB, THD -88.1dB were 
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measured. The total power consumption is 22mW with 1.8V supply. FoM ( Figure of 

Merit ) defined by (3.8) shows 0.27pJ/conv. step.  

FoM = Power / (2 x BW x 2
ENOB

)                           (3.8) 

 

Fig. 4.26 Measured SNR and SNDR vs. input signal power 

 

Analog power consumption by 4 amplifiers is 7.9mW and is 36% of total power 

Digital power consumption is 14.1mW and is 64% of total power. These results 

show that the digital power portion is dominant. Digital circuitry is composed of 

quantizer, clock generator, DEM circuits and switch clock driver buffers, which turn 

on and turn off switches on the switched capacitor circuits. [41] 

Fig. 4.27 shows detailed power consumption portions. [39] Switch clock driver 

buffers consume 60% of digital power, even more than total analog power 

consumption. The clock generator and DEM circuitry also consume 30% of digital 

power, 19% of total power consumption. If the DEM function is off, 15% of digital 

power can be saved. However, even harmonics increased without DEM, and the 
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performance is degraded. Thus, better FoM could be obtained with DEM. The 

quantizer consumed only 10% of digital power.  

 

Table 4.2 Summary of measured performance 

 

 

Fig. 4.27 Power consumption portions 
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Digital power consumption i.e. digital buffer, clock generator and DEM circuits 

can be scaled with technology scaling. Thus, if finer line processes are used, then 

digital power portion can be reduced proportionally. 

 

Table 4.3 Performance comparison of 10MHz bandwidth ∆Σ ADCs 

 

 

Table 4.3 shows power efficiency comparisons of ∆Σ analog-to-digital converters 

of 10MHz bandwidth. [29-34] 

The prototype chip exhibits the 2nd best power efficiency, very close to the state-

of-the-art one. This is the best power efficiency in discrete time ∆Σ ADCs and also 

the best power efficiency with over 100nm process technology. In comparison to 

previous same technology one, power efficiency is almost doubled. The state-of-the-

art one is implemented with finer line process with continuous time technique. 

However, the measured power efficiency of the prototype chip is very close to the 

best one.  

Because the digital power portion constitutes roughly 2/3 or total power, these 

portions can be further reduced by technology scaling. 
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Fig. 4.28 shows power efficiency comparisons among reported discrete time ∆Σ 

analog-to-digital converters. This graph shows best power efficiency over 10 MHz 

signal bandwidth. 

 

 

Fig. 4.28 DT ∆Σ ADC Performance comparison graph 

 

 

4.12. Summary and conclusions 

 

A noise folding free double sampled, low-distortion, cascade switched-capacitor 

∆Σ analog-to-digital converter with an adder-embedded integrator for WLAN 

applications is presented. It requires fewer amplifiers, and through gain redistribution, 

reduced signal swings inside the loop can be maintained. These greatly relaxed 

analog circuit requirements. Due to power efficient noise folding free double 

sampling technique, a prototype chip achieved 73.8 dB SNDR over a 10 MHz signal 
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bandwidth. Results showed that the 2nd best power efficiency, and close to state-of-

art one, which was implemented with finer line process, and the best power 

efficiency in DT ∆Σ analog-to-digital converters and with over 100nm process. 

Digital power portion constitutes 2/3 and this can be further reduced by technology 

scaling. 



84 

 

CHAPTER 5. CONCLUSION 

 

In this dissertation, wideband, low-power techniques for high efficiency ∆Σ 

modulators were proposed. Timing-relaxed, double noise coupling technique is 

proposed and it was applied to low-distortion architecture. It can save one active 

component while providing 2nd order noise shaping in the noise transfer function. 

To relieve stringent quantization and DEM timing problem, excess loop delay 

compensation technique was applied, and through this, quantization and DEM can 

have full one cycle delay and timing requirement is relaxed. To relieve large output 

swing problems at the outputs of adders, gain-scaling was applied. Through this, 

active adders do not slew and consume lesser power, and analog circuit requirements 

were greatly relaxed, and it is helpful in reducing of non-linear distortions. Power 

comparisons showed that proposed gain-scaled, timing-relaxed, double noise 

coupling can save 31% to 53% power in comparison to other low-distortion ∆Σ 

modulator architectures having same STF and NTF.  

A noise shaping SAR quantizer which provides one order of noise shaping in the 

noise transfer function is proposed. This scheme uses the characteristic that a charge 

redistribution SAR ADC can generate and hold residue voltage. A SAR ADC 

requires multiple clocks for multi-bit conversion. Thus, this is applied to timing-

relaxed, low-distortion ∆Σ architecture. During analog-to-digital conversion, an 

active adder is idling. Thus, the amplifier for an active adder is used for sampling of 

residue voltage by changing configuration to a unity gain buffer. Held residue 

voltage is added to the input of SAR quantizer in the following analog signals 

summation phase. This makes input of quantizer Vin[n] – e[n-1] instead of Vin[n]. 

After analog-to-digital conversion, a SAR quantizer produces 1st order shaped 
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quantization noise  (1-z-1)·E in addition to digitized form of Vin[n]. Therefore, 

overall noise transfer function is increased by one. The proposed scheme is in the 

last stage of ∆Σ modulator loop, thus this is less sensitive compared to an analog 

error feedback structures.  

A noise folding free double sampled, low-distortion, cascade switched-capacitor 

∆Σ analog-to-digital converter with an adder-embedded integrator for WLAN 

applications was presented. It requires fewer amplifiers and through gain 

redistribution, reduced signal swings inside loop can be maintained. These greatly 

relaxed analog circuit requirements. Due to power efficient noise folding free double 

sampling technique, a prototype chip achieved 75.5dB DR, 74dB SNR, 73.8dB 

SNDR, 90.2dB SFDR, -88.1dB THD over a 10 MHz signal bandwidth and showed 

FoM=0.27pJ/conv.step and this is the 2nd best power efficiency and close to state-

of-art one, which was implemented with finer line process and the best power 

efficiency in DT ∆Σ analog-to-digital converters and with over 100nm process. 

Digital power portion constitutes 2/3 and this can be further reduced by technology 

scaling. 
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