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employed analog devices and become larger at higher frequencies. At the transmitter,

these distortions deteriorate the performance of the predistortion circuit necessary for the

power amplifier linearization.

In this thesis, we present several new results and ideas. First, a new theoretical

expression for the Bit-Error Rate of a differentially detected 4 DQPSK system (IS-54) in

presence of either gain or phase imbalance at the receiver is derived. This new derivation

will be compared successfully with simulations of the same system. Second, a method

for the estimation and the correction of the gain and the phase imbalances in a direct-

conversion transmitter is presented. This approach will be shown to require little extra

circuitry to theoretically work perfectly and to be limited by the resolution of the Analog
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NEW RESULTS FOR DIFFERENTIALLY DETECTED 4 DQPSK

SIGNAL IN A DIRECT-CONVERSION TRANSCEIVER

1. INTRODUCTION

Since the early 1990s, the world of mobile communications has been constantly chang-

ing, evolving from analog to digital. The increasing demand for multimedia service has

provided an incredible boost to the market. This progress is partially due to the develop-

ment of key products in wireless communication technologies and to the demand for wireless

access to the Internet. All these concepts have made wireless personal communications the

fastest growing field in the engineering world.

In the middle of this revolution, the number of users of cellular phones keeps on

increasing. What was yesterday a privilege for the elite, is now financially accessible to

almost everybody. In order to make customers happy, the design goals have become low-

cost and small weight. These goals are achieved by increasing the amount of monolithic

integration and reducing the amount of external analog hardware.

Of course, many other issues must be considered in the design of transceivers (i.e.,

transmitter/receiver). First, a limited spectrum is allocated for each user. It varies with

the standard. For IS-54 which is a North American Cellular Standard, each user has a 30

kHz bandwidth. This narrow bandwidth forces the transmitter to use a narrow modulation

scheme and narrowband filtering to avoid any leakage to adjacent channels. The receiver

must also be able to reject strong neighboring interferers while receiving the desired signal.

Receivers must be designed to tolerate a fairly wide dynamic range. One factor

influencing the dynamic range of the signal is the distance from the cell tower. Indeed, if

the receiver is too close from the antenna, the signal level could be too strong which causes

saturation of devices. The lower limit of the dynamic range is called the sensitivity and is

the lowest signal level possible to achieve a good reception.
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The power amplifier must be designed in order to satisfy the conflicting constraints

of being linear and power efficient. This component introduces non-linearities and noise

and as it needs a large current, influences the size of the battery.

The transceiver architecture that we study in this thesis is called direct-conversion,

homodyne or zero-Intermediate Frequency (IF) architecture. At the transmitter, if the

transmitted carrier frequency is equal to the one of the local oscillator (LO), the archi-

tecture will be called direct-conversion. The modulation is followed by a non-linear power

amplification.

At the receiver, the signal is converted directly from Radio Frequency (RF) to base-

band because the LO frequency is equal to the input carrier frequency. One advantage of

this structure is that no image filter is needed as the intermediate frequency is equal to

zero. In other words, no signal other than the desired RF signal is downconverted to zero.

This architecture also exhibits a lower power dissipation because, as the channel selection

is made at baseband, no external, bulky, IF bandpass filters are needed. Active low-pass

filters are used.

It is now easy to imagine why this architecture has been the topic of many research

projects in recent years. The weight and the cost are kept low which matches the design

goals. However, direct-conversion transceivers suffer from their own set of problems. At

the receiver, DC offset and I/Q mismatch are common problems. At the transmitter, DC

offset and I/Q mismatch affect the power amplifier predistortion circuit. Indeed, the noisy

output of the power amplifier can corrupt the LO by a leakage of the PA output to the

oscillator [2]. This phenomenon is due to the non-linearity of the power amplifier. A

predistortion circuit can be used to counterbalance these non-linearities. Thus, we see the

importance at finding a circuitry able to remove DC offsets and I/Q mismatch in homodyne

architectures.

In this thesis, we present a study of the I/Q mismatch in a direct-conversion transceiver.

I/Q mismatch is another term for gain and phase imbalances between the I and the Q path

of the transceiver. This problem is caused by the analog hardware used in the transceiver.

Ideally, both the I- and Q-path circuitry should be perfectly equal. However, this is not
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possible because of device imperfections. The result being that these imperfections de-

teriorate the Bit-Error Rate (BER) performance of the receiver. This critical parameter

returns the percentage of information that has been corrupted during the transmission.

Two new ideas are presented in this thesis. First, we compute for the first time,

a closed form expression for the BER of differentially detected 4 differentially encoded

Quadrature Phase Shift Keying (i DQPSK) system which is suffering from gain and phase

imbalances. Second, we present a new low complexity estimation and correction circuit for

analog gain and phase imbalances in a direct-conversion transmitter.

This thesis is organized as follows. In chapter 2, an overview of a differentially de-

tected 4 DQPSK system is presented. In chapter 3, distortions in a direct-conversion

architecture are presented with an emphasis on the I/Q mismatch and their influence is

mathematically derived. DC offset is also considered and a method to digitally remove it is

presented. In chapter 4, a new theoretical BER expression of a 4 DQPSK system distorted

by gain and phase imbalances is derived. Finally in chapter 5, a new low complexity esti-

mation and correction circuit for analog gain and phase imbalances in a direct-conversion

transmitter is shown and studied, with and without DC offset in the circuit.
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2. SYSTEM OVERVIEW

In this chapter, we present the details of a differentially detected 4 DQPSK system,

the heart of the IS-54 standard for digital cellular telephony on the American territory [1].

This system uses eight absolute carrier phases and the information is transmitted in the

differential carrier phase, On, which has 4 values. Figure 2.1 shows the block diagram of

the simulated 4 DQPSK system. The reason for and the characteristics of each block will

be explained separately.

The specific transceiver that we study is a direct conversion architecture that is

explained in [2]. It seems natural to downconvert a signal directly from Radio Frequency

(RF) to baseband. Advantages include reduced power consumption, reduced hardware

complexity and size compared to the traditional heterodyne architecture. Many papers

address these issues and the trade-offs in the design of direct-conversion transceivers ([3] -

[9]). The basic idea of the direct-conversion transceiver will be presented throughout the

following system overview.

The simulated transceiver will be presented in two parts. First the transmitter

structure will be analyzed and then the receiver structure. The method of differential

encoding and decoding will be explained as well as the modulation scheme and the different

filtering functions.

2.1. The Transmitter

The transmitter that we will discuss is shown in Figure 2.1. Going through the

system, we see that after a serial to parallel conversion, the signal is differentially encoded.

Then it is passed through a square-root raised cosine filter (RRC) whose purpose is pulse

shaping. The digital signal is passed through a Digital to Analog Converter (DAC) before

the upconversion.



Transmitter

b(n)

Receiver

sR(t) = sT(t) + n(t)
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2.1.1. Serial to Parallel Converter

As opposed to Binary Phase Shift Keying (BPSK), in QPSK the input bit stream

is split into two bit streams, one in-phase stream and one quadrature phase stream. In

Figure 2.1, the input to the transmitter is random binary data. The bits are encoded in a

non-return-to-zero line code (±1). These bits represent encoded voice data.

Thus, the serial to parallel (S/P) converter separates the input data sequence into

two separate bit streams, one containing the even-numbered (bi(n)) and the other the

odd-numbered (bq(n)) bits of b(n).

2.1.2. Differential Phase Encoding

Differential phase encoding is generally employed in digital communications system.

It eliminates the need for the receiver to establish the absolute phase reference of the

transmitter. This then has the advantage of hardware simplicity as no extra circuit is

needed for carrier recovery. In Figure 2.1, we denote the output of the differential decoding

block by I(n) and Q(n). I(n) and Q(n) can be seen to be differential functions of an angle

On that is recursively created as being its previous value On_i to which is added a phase

shift On. The outputs of the differential encoder are:

I(n) cos On

Q(n) = sin On (2.1)

where On = 9n-1 +

The phase shift On is a function of the current symbols bi(n) and bq(n) as shown in

Table 2.1, that can be represented by the equation:

= bi(n) ibi(n)bq(n) (2.2)



bq(n) bi (n) 11).

1 1 1 -r4

1 -1 Vr

-1 1 -4

-1 -1 ,
TABLE 2.1: Modeling of the Phase Encoding of the Signal

The data can be recovered in the receiver thanks to the equation:

I (n)I (n 1) + Q(n)Q(n 1) = cos tk = bi(n)

Q(n)I(n 1) I (n)Q(n 1) = sin lb, = bq(n)

7

(2.3)

From the above discussion, it is clear that the information in a 4 DQPSK signal is encoded

in the phase difference /Pri. The output of this symbol mapper is the classical 4 DQPSK

constellation as seen in Figure 2.2.

From each point in the constellation diagram, four phase transitions are possible:

they are denoted by lines in Figure 2.2. The zi DQPSK constellation can be considered as

two interleaved QPSK constellations (denoted by * and o in Figure 2.2). When, at time n,

a symbol comes from the constellation denoted o, at time n+1, the symbol will come from

the constellation denoted by *. After differential detection in Eq. (2.3), the eigth point

constellation becomes a four point constellation. In the ideal case, the symbols of the four

point constellation land on (±-,-,-,±7-1-), the values given by the sine and cosine of On in

Eq. (2.3).

A drawback of differential encoding is that one symbol error generates on average

two bit errors. This drawback, however, is more than made up for because it is always

possible to recover the difference between two phases, and thus the transmitted information,

without needing to know the absolute phase. An advantage of -r4 DQPSK over DQPSK

is the reduction of the envelope fluctuations of the signal. The envelope of the signal
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never goes through zero. This makes it less sensitive to amplifier crossover distortions and

results in a smaller dynamic range requirement for the power amplifier. Finally symbol

synchronization is easier with 4 DQPSK than with QPSK or DQPSK because the I

DQPSK symbols change during every symbol period. The symbols can never stay in

the same state. In QPSK signals, either the I, the Q or both may remain constant for

consecutive symbols.

All these reasons made zi DQPSK very popular and allowed it to become the North

American digital cellular telephony standard. Information on this modulation scheme can

be found in many textbooks ([10] - [12]). Details on the performance of a direct conversion

transceiver with this modulation scheme will be found in the next chapter.

1.5

0.5

- 1

-1.5
- 1 5 -0.5 0

I-path
0.5 15

FIGURE 2.2:4 DQPSK Signal Constellation
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2.1.3. Square-Root Raised Cosine Filter

Next, in Figure 2.1, I(n) and Q(n) are passed through a block marked LPF (for

low-pass filtering). These filters are used for pulse shaping and in order to reduce the

bandwidth occupancy. The end to end filter response should be a raised cosine filter that

satisfies the ideal Nyquist channel zero inter-symbol-interference (ISI) condition. Thus,

since the desired end to end response is raised cosine, we split the response equally in

transmitter and receiver to create a matched filter system. Thus, a square-root raised

cosine filter (RRC) is used instead of a normal raised cosine filter. The defining parameter

for a rrc filter is its rollof factor a. The rollof determines the amount by which the spectral

occupancy of the signal excedes the Nyquist bandwidth of the signal. A tradeoff is that

as a becomes larger, overshots occur in the time domain and the signal is more sensitive

to timing errors. Every communication channel induces ISI which increases the BER in

receivers. The amount of ISI resulting from timing error decreases as the rolloff factor

is increased from zero to unity. IS-54 uses the rolloff factor a = 0.35. The signals at

the output of the RRC filter, Ifi/(n) and Qpi(n), are passed through a Digital to Analog

Converter (DAC). To better understand the subject, we refer to some papers dealing with

the specifications for the design RRC filters for the IS-54 standard ([13],[14]). It has to

be noted that in such architectures, in the analog part between DAC and mixer, low-pass

filters are employed even though there are not shown in Figure 2.1. Their purpose is to

ensure that no high-frequency components from the digital board get into the mixer and

to remove the repeated spectra artifacts created by the sample and hold function of the

DAC. The importance of these filters will be explained later when the new algorithm to

estimate gain and phase imbalances at the transmitter is presented.

2.1.4. Modulation

The two waveforms at the output of the DAC are denoted I121(t) and Qpi(t). They

are basically sampled and held versions of If ii(n) and Qpi(n) and are upconverted by a
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pair of quadrature carriers cos(wct) and sin(wct). We choose the output of the transmitter

to be the difference of the signals in the I- and the Q-channel.

ST (t) = l f .11(0 COS UV Q fil (t) sin wet

= D AC (I (n) * hRRC(n)) cos wet D AC (Q (n) * hRRC(n)) sinwct (2.4)

Not shown in Figure 2.1 is another very important stage of the transmitter. The

signal sT(t) is passed through a bandpass filter (BPF) whose role is to suppress the har-

monics. The resulting signal at the output of the BPF is then passed through a power

amplifier that amplifies the signal before it is sent out the antenna.

2.2. The Receiver

Upon arrival at the receiver, the signal has to be demodulated and then differentially

decoded in order to recover the information bits information as seen in Figure 2.1. Ideally,

the output bit-stream is the same as the transmitted one.

The transmission channel model used throughout this thesis is additive white Gaus-

sian noise (AWGN). For the simulation, a certain amount of noise, n(t), is added to sT(t)

in order to achieve a predictable signal-to-noise ratio (SNR) at the input to the receiver.

The signal at the input of the receiver is defined by SR(t) = sT(t) + n(t). Although not rep-

resented in the figure, the signal is first band-pass filtered to select the band of operation.

before being passed through a low-noise amplifier at the front-end of the receiver.

The detection technique used in our system is the one Rappaport refers to as Base-

band Differential Detection [10]. We now provide an explanation for this scheme and will

later compare it with other detection techniques.

2.2.1. Demodulation

Assuming zero phase error, the received waveform sR(t) is downconverted by mixing

the local oscillator references cos(cv,t) and sin(wct). The local oscillator is assumed to have
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the same frequency as the unmodulated carrier. The downconversion process is described

by the following equations:

Irec(t) = f I 21(0 COS2 wct Q f (t) sin wct cos wet

Qrec(t) 1 f (t) sinWctcosWct fit (t) sine cect (2.5)

After mixing, the signals Irec(t) and Qrec(t) are passed through LPFs, non shown in Figure

2.1, to remove the double frequency terms. Next, these signals encounter several amplifier

stages. Finally before analog to digital conversion (ADC), the signals are passed through

anti-aliasing filters (AAF). These filters remove any signals at frequencies greater than half

the sampling rate of the ADC.

2.2.2. Analog to Digital Conversion and Filtering

In our system, the matched filtering is done digitally. We also assume ideal timing

recovery, i.e., that the A/D conversion is performed at the right instant in order to recover

the original bit. The purpose of the matched filter block is to detect a pulse that is

corrupted by noise. Since a pulse shaping filter has been used at the transmitter, the

optimum matched filter at the receiver is the same pulse shaping filter. Thus, the matched

filter is, in this case, a RRC. Ideally, the decimated output of this digital filter is:

I fur (n) = 1(n)

fitr(n) = Q(n)

2.2.3. Differential Detection

(2.6)

Differential encoding was employed at the transmitter in order to remove the need

for absolute phase recovery in the receiver. Baseband differential detection can now be per-

formed at the receiver. Differential detection consists of the multiplication of the baseband

signals by a delayed version of themselves in order to recover the transmitted differential
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phase information. In our case, this is performed at baseband because the signals have

already been downconverted. Thus we have 'baseband differential detection'. Let Iout be

the output of the I-path after this multiplication and Qout the output of the Q-path as

shown in Figure 2.1. In the ideal case, I fijr is not distorted by any devices imperfections

and still contains the information defined in Eq. (2.2). This means:

4,0(n) = fifr(n)I far(n 1) + C2 far(k)Qpir(n 1)

= COS (en en -1) = COS On (2.7)

Qout(n) = far(n)Q fiir(n 1) Q fiir(n)I fur(n 1)

= sin(On en-1) = Sin On (2.8)

Hence, the phase difference can be recovered at the receiver. The symbols Iout and Qout

are converted to bits using Table 2.2.

I.t(n) Qout (n) bg.t(n) bz.t(n)

>0 >0 1

> 0 < 0 1 -1

<0 >0 -1 1

< 0 < 0 -1 -1

TABLE 2.2: Recovered Bit Sequences

Thus, it is possible to recover the original bit-stream at the output of the receiver.

The recovered bit sequences biout and Now are then multiplexed and compared to the

original bit sequence in order to compute the BER performance of the system. In our

simulations, we collect at least 25 bit errors in order to calculate a statistically significant

BER.
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3. ANALYTICAL DERIVATION OF THE PROBLEM

The previous chapter provided a basic understanding of the system we want to study.

As was shown, the transceiver must incorporate amplification, mixing and filtering opera-

tions. For the system to be perfect, the gain introduced on each path, by the mixers and

amplifiers, should be equal and the LO should be able to generate a perfect 90 degrees

difference between the sine and cosine carriers. In reality, distortions exist and can not be

neglected.

In this chapter, we first explain the notion of I/Q mismatch, why it occurs and how

important it is. Then we choose a model for these imbalances and derive the equations

governing the BER performance in the presence of I/Q mismatch.

3.1. Origins of I/Q Mismatch

A QPSK direct-conversion transceiver must incorporate quadrature downconversion.

This requires that a pair of carriers exactly 90 ° out of phase are generated from a single LO.

However, component mismatch in the analog circuitry renders this impossible. Similarly,

the gain introduced on each path by the mixers and the amplifiers between the mixer and

the ADC should ideally be equal but once again, circuit imperfections make it impossible.

The LO frequency is very high in most communications systems. In the particular case

of IS-54 it is located between 824 and 849 MHz for the mobile. At such high frequencies

the gain and phase imbalances become more severe because the usage of active mixers,

which are an important source of mismatch and non-linearities, is required. As pointed by

Gerlach [16] , errors in the mixing operations occur in the form of amplitude and phase

perturbations. As explained, the amplitudes and phases of every mixer can't be exactly

the same. In addition, mismatch errors occur in the synthesis of the LPFs. In practice, the

authors disagree on the amount of imbalance that is acceptable. It seems, however, to be

desirable to keep the phase imbalance below 7 ° and the gain imbalance below 1 dB which
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corresponds to a ratio of 1.12 between the two gains. We will describe such an imbalance as

a 12 % gain imbalance. This value is not the same for every papers because they typically

vary with the architecture and the design of the studied system. These imbalances affect

the constellation of the tested signal and consequently the BER performance of the whole

system.

These gain and phase imbalances in analog quadrature modulators also have a dev-

astating effect on the transmitter amplifier linearization circuits [15].

Now that the reasons for this gain and phase imbalances are known, the next step

will be to find a model for them and to simulate the influence of these distortions in our

system. However, it seems interesting to first look at another major source of distortion in

a direct conversion architecture: the DC offset.

3.2. DC Offset in a Direct-Conversion Transceiver

Gain and phase imbalances, although the main topic of this thesis, are not the only

distortions present in a direct-conversion architecture. Notably, DC offset voltages at the

mixer output often create problems [6]. This DC offset is caused by a phenomenon called

LO leakage. A finite amount of feedthrough exists from the LO to the input of the low-noise

amplifier (LNA) before the mixer. The leakage signal appearing at the input of the mixer

is now 'self-mixed' with the LO signal. The same effect can be caused by a large interferer

leakage through the LNA into the LO port of the mixer. One source of such an interference

is when, during transmission, the LO signal leaks to the antenna and is radiated. More

generally, as noted in [17], any amount of coupling such as capacitive coupling, substrate

coupling and bond-wire coupling from the LO port to the signal path can cause LO leakage.

Unlike gain and phase imbalances, which are fairly stable, the DC offset can vary

with time and is thus more difficult to estimate. However, many solutions to remove the

DC offset have been proposed ([17],[18]). The real problem seems to be the inverse of the

one for the gain and phase imbalance: it doesn't seem difficult to estimate the DC offset

but more difficult to find an analog circuit to remove it.
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A method to remove the DC offset at the receiver is proposed. This method is

general and can be extended to the transmitter. The idea is that the RF signal at the

output of the mixer is fed to an A/D converter at the receiver and the DC value of the

signal is measured by averaging the signal. A simple average of the I and Q path signals

can be done to compute the mean value. To realize the averaging, an analog moving

average low-pass filter could be employed, but this bulky component can introduce other

problems (size, accuracy...). It seems more accurate and reliable to realize the averaging

in the digital domain. This is a classic problem of extracting a DC value in noise. The

mean of the signal is traced in DSP. The SNR being quite low at the receiver, we don't

expect this method to entirely remove the DC offset. Furthermore, each amplifier stage

at the receiver, introduces its own DC offset. This method will not be applied after every

stage but rather once after all the amplification has been done. That is the reason why

this method should be seen as a complement to simple analog circuits which try to remove,

but not entirely, the DC offset after each stage.

Finally other distortions can be considered as problematic in the direct-conversion

architecture as mentionned in [2]: even order distortion and flicker noise. However all along

the thesis, we will focus our attention on the correction of I/Q mismatch and ignoring the

other effects although DC offset will sometimes be considered in the simulations. In a real

system, the designer will have to take all these effects into account.

3.3. Modeling

To keep the analysis manageable, it was decided to model all the imbalances at the

modulator for the transmitter and at the demodulator for the receiver. Both models are

symmetric. The receiver model is shown on Figure 3.1. The gains are denoted A, (Br) on

the I-path (Q-path) at the receiver and At (resp. Bt) at the transmitter. To maintain a



constant signal power in the simulations, the only condition for these gains is:
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At + Bt P.:: 2 (3.1)

Gain Error on the I-path

---+Tcos(coct(0/2 Al>
Phase Error Or

sin(coct + 4V2

..>

AAF

AAF

Gain Error on the Q-path

FIGURE 3.1: Modeling of the imbalances at the receiver

The phase imbalance is denoted 5,. at the receiver (and (th at the transmitter). It is

modeled at the local oscillator. We split it equally on the cosine and on the sine in order to

have cross-talking terms between I and Q-path. This choice is arbitrary. It is also possible

to model the phase error only on the I- or on the Q-path. Above all, the choice depends

upon the timing recovery scheme.

3.4. Mathematical Derivation

In this section, we derive the effect of the distortions introduced in the previous

section on the decoded signal. This analysis will be consistent with the notation introduced

in the second chapter. Initially we neglect any noise terms in the equations in order to make
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them more readable. Nevertheless, noise terms will eventually be added to every result.

Let's first consider the case where no noise and no distortions are added in the system. Let

If id (n) and Qfid(n) be the double convolution of the initially encoded information I(n) and

Q(n) with the impulse responses of the RRCs (pulse shaping + matched filtering). After

A/D conversion in this ideal case,

f id(n) = I * hRRC * hRRC

Qfid(n) = Q * hRRC * hRRC (3.2)

These functions correspond to the ideal downsampled signal and thus, from equation 2.3,

by applying differential detection, the perfect signal should be recovered:

Qfid(n)Ifid(n 1) Ifid(n)Qfid(n 1) = sin On

Ifid(n)Ifid(n 1) + Q fid(n)Q fid(n 1) = cos 9.14, (3.3)

We will use Eq. (3.3) as we derive all the equations of the distorted system.

3.4.1. At the Transmitter

The output of the transmitter, denoted in Figure 2.1 by sT(t) can be written as:

sT(t) = [At cos(wet I * hRRC {Bt sin(wct + 1-)] Q * hRRC (3.4)

3.4.2. At the Receiver

The first operation is the demodulation followed by the matched filtering and down-

sampling. At that point, it is here considered, that the factor 1/2 introduced by the

Low-pass filtering has been compensated by a factor 2 along the line.

r/fur (n) = AtAr cos(1)
2

)1 fid(n) sin(4'r
2

)Q fid(n)

Q filr(n) = BtBr cos((4'
r Ot

2
)Q fid(n) + At13,. sin(4)r

2
(kt )Ifid(n) (3.5)
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Then, in order to differentially decode the signals, cross-multiplication as in Eq. (2.8) is

done. The final signals entering in the decision device are:

Icnit(n) = At [A? cos2( Or
2 2

(1)t sin2( ()r + Ot )1 _ 1) (3.6)

+ B? [B.,? cos2 (4)r fit) + g.sin2(4 +2 (t)t )1 Qfid(n)C2fid(n 1)

9d APR sin( OT ± 5t ) cos( Or fit) rrf idkn 14 fidkn n fid(n)Tf id/ n 1)]

fit)
sin 2 ( (1)7. +2 °'t )1 sin Onout (n) = AtArBtBr [cost (YET (3.7)

The binary data is recovered by passing these output signals through a parallel to serial

converter.

3.4.3. Particular Cases

3.4.3.1. When no Distortions at the Transmitter

This corresponds to the case where At = Bt = 1 & cbt = 0. Then we can simplify

all the expressions in Eq. (3.5) to (3.7):

(I) rIfitT(n) = AT cos(-2-)/ftd(n) A,. sin(-2-)Qfid(n)

Or
Q (n) = -Br cos(--2-(kr)Qfid(n) + Br sin(T)/ftd(n) (3.8)

/0.0 (n) = I AT cos2 (4) + B,? sin2(2T )] cos On

ArBr sin Or ftd(n)Q ftd(n 1) + fid(n)I fid(n 1)]

(3.9)Qaut (n) = AT Br cos 07. sin On
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3.4.3.2. When no Distortions at the Receiver

This corresponds to the case where A,. = Br = 1 & Or = 0. Then we can simplify

all the expressions in Eq. (3.5) to (3.7):

Ifar(n)

Q filr(n)

Ima(n)

At cos(T)/fid(n) Bt sin(T)Qfid(n)

Bt cos( T )14fidknq+ At sin(4 )Iftd(n)

? ( 1) B.?0 ( 10 (A,Ifid(n,Iftd,n + fic 1)

2AtBt sin Ot [Ifid(n)Qfid(n 1) + QficAngfid(n 1)]

(3.10)

Qout(n) = AtBt cos Ot sin On (3.11)

3.5. Influence of the Imbalances on the Simulated System

3.5.1. Measurement Tools

In this section, we present a method to measure the influence of the distortions on

the performance of our system. Once the tools are presented and the influence of the

distortions is defined, we will derive a closed form expression for the BER as a function of

the additive channel noise and the distortions in the receiver. However, as seen previously,

the distortions at the transmitter are also deteriorating the performance of the overall

system. In order to perform the aforementioned analysis, we first define several parameters.

In the system, the channel noise is Additive White Gaussian Noise (AWGN). It is

added at the front-end of the receiver. The SNR denotes the average in-band power of the

signal at the input of the receiver over the average power of the noise. In order to have

consistent measurements, it is very important to compute the SNR correctly. The SNR

per bit at the input of the receiver is denoted:

S NRb = No (3.12)

In our system, the information is contained in a symbol that is 2 bits. The SNR per symbol
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is then:

SNRS = No 2 SNRb (3.13)

Thus the measured SNR, SNRS, is 3 dB higher than SNRb, which is the one we will

use in our mathematical derivations. In the next chapter, we will provide mathematical

expressions for the BER as a function of SNRb for a differentially detected 4 DQPSK

signal.

It is important to note that, although in our system we have both additive noise and

distortions, the SNR is a measurement that only includes the influence of the noise over

the signal. Another variable called signal to distortion ratio (SDR) takes into consideration

the influence of the distortions over the signal.

3.5.2. Results

The section will only present results for distortions added at the receiver. Indeed,

Eqs. (3.5), (3.6) and (3.7) show the parallelism between the influence of imbalances at the

transmitter and at the receiver. Also, in chapter 5, the results will be presented at the

transmitter and thus will complete this section.

The transmission system and the direct-conversion receiver were simulated with and

without distortions present. This will help in determining the influence of the distortions

on the performance of the system. Two different kind of plots will be presented: one, more

quantitative, is the BER as a function of the SNR per bit, SNRb at the front-end of the

receiver. The second, more qualitative, is the constellation diagram at several points of

our system.

3.5.2.1. BER vs. SNR plots

The BER is the most important measure to determine the grade of performance

of a receiver. Most standards specify a minimum BER. The Digital European Cordless
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Telecommunication standard (DECT), e.g., requires a BER that does not exceed 10-3.

This means, that in one thousand received bits, only one can differ from the original bit

sequence transmitted. The same requirements in BER can be found in the IS-95 standard

for Code Division Multiple Access (CDMA) systems. Thus a BER of 10-3 is a common

goal for wireless communications system.

To demonstrate the effect of the various distortions, we now present a series of BER

plots. In each plot, a family of curves for various distortion level will be presented. Thus, by

observing the family of curves, we can see the degradation in performance as the distortion

increases.

10
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10'

0-

10-3

10

10-s

ideal case
1D% gain imbalance

o 0% lain imba ance
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SNR/bit in dB
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FIGURE 3.2: -Influence of the Gain Imbalance at the Receiver on the BER of the System
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Figure 3.2 shows the influence of gain imbalance at the receiver of the simulated

system. To aid understanding this figure, we define a 20 % gain imbalance to be when the

ratio between A and B is equal to 1.2. It is typically the biggest gain imbalance observed in

a direct-conversion receiver. We remark that, in all cases, theBER gets better (i.e. smaller)

when we increase the SNR (i.e. increase the signal level). However the performance of the

receiver is altered by gain imbalance. For example at 11 dB with 20 % gain imbalance, we

are at the same BER level measured in the ideal case (i.e. no distortion) at 10.2dB. Thus,

a degradation of the performance of 0.8dB is observed.
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o
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104

10-4

10-5
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....10 deg: Oats arhbalatiCe .. ..

...
o 20 deg. phase imbalance

0 2 3 4 5 6
SNR/bit in dB
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FIGURE 3.3: Influence of the Phase Imbalance at the Receiver on the BER of the System

Figure 3.3 shows the influence of phase imbalance at the receiver on the simulated

system. Typically, the maximum phase imbalance in a homodyne receiver is 7 °. In order
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to better see the influence of the phase imbalance, the values of the phase imbalance are

huge and do not correspond to reality. Here we see that at the same level of SNRb as before

(11 dB), we can observe a 0.6 dB performance degradation for a 10 ° phase imbalance and

2 dB loss for 20 °.

10°

10-1

10-2

ccw

idea] .case
-+ 5 deg: phase and 5% pain
- c10-deg. phase and-10 A:gain
-.20.deg. phase and-209/0;gain

4"1-1;111465..

1 2 3 4 5 6
SNR/bit in dB

7 8 9 10 11

FIGURE 3.4: Influence of the Combined Gain and Phase Imbalances at the Receiver on
the BER of the System

Finally, Figure 3.4 shows the combined influence of gain and phase imbalance at the

receiver. For example here, for 10 ° phase imbalance and 10 % gain imbalance, at an SNR

of 11 dB, the degradation is 1 dB whereas the degradation for 10 % gain imbalance only was

of 0.2 dB and the one for 10 ° phase imbalance only was of 0.6 dB. By this example, and

also by looking at Eq. (3.8), we see that the influences of the distortions ar not additive.
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3.5.2.2. Constellation Diagrams

The signals on the I- and the Q-path can be considered to form one complex signal

if we consider I the real part and Q the imaginary part. The plot of the detected symbols

in the complex symbol-space is called the constellation diagram. When gain and phase

distortions are added, the effects on the constellation diagram can be observed. To have a

better understanding of the influence of the imbalances on the constellation it is decided

not to add any noise in the simulations and to add large values of the distortions.

The constellation diagrams are here observed before differential detection (eight

points constellation explained in chapter 2.1.2) and after differential detection (four points

constellation found by applying Eq. 2.3 on the signals represented in the eight points

constellation) at the receiver.

1.5

0.707

0

-0.707

MI* SOO

So.

-0.707 0.707 15

FIGURE 3.5: 20 % Gain Imbalance at the FIGURE 3.6: 20 % Gain Imbalance at the
Receiver before Differential Detection Receiver after Differential Detection

In Figures 3.5 and 3.6, we can observe the effects of the gain distortion on the

constellation before and after differential decoding. Ideally, in Figure 3.5, the eight points

should all land on the unit circle centered in 0. Here, because A,. is greater than 1, the

points on the I-path are amplified by a factor A,. As Br is taken less than 1, the points
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on the Q-path are attenuated (see Eq. (3.9)).

After differential detection, in Figure 3.6, we notice that the constellation splits from

four points into eight points. From Eqs. (3.8) and (3.9), we are able to predict the position

of each one of these points by giving the correct values to A,. and B,. with q5,. set to zero.

In the ideal case, the four points of the constellation land on (± 1,- ' ).±J.-r-) Now,v2 v2

however, the splitting due to the gain imbalance causes some points to move closer to

the decision boundaries and thus increase their vulnerability to corruption by noise. That

explains why the BER is increasing when distortions are added.

FIGURE 3.7: 20 ° Phase Imbalance at the FIGURE 3.8: 20 ° Phase Imbalance at the
Receiver before Differential Detection Receiver after Differential Detection

In Figures 3.7 and 3.8, we can observe the influence of phase imbalance on our

system. We observe, in Figure 3.7, that the phase imbalance causes the constellation,

before differential detection, to warp from a circle to an ellipse with major axes rotated

from the original I, Q axes.

In Figure 3.8, after differential detection, we notice that the constellation once again

splits into eight points. From Eqs. (3.8) and (3.9), we are able to predict the position of

each one of these points by giving the correct values to Or (here 20 °) and setting A,. and
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Br to 1. Here again due to the splitting, some points move closer to the decision boundaries

and thus the BER increases when a phase imbalance is present.

1.5

0.707

-0.707 _ asok a -1° AO 0.

-0.707 0.707 15

FIGURE 3.9: Combined Influence at the Re- FIGURE 3.10: Combined Influence at the
ceiver before Differential Detection Receiver after Differential Detection

Figures 3.9 and 3.10 shows the influence of the combined imbalance on the system.

In Figure 3.9, we can observe that the constellation before differential detection is not

anymore a perfect circle but an ellipse which had its axis rotated and its points attenuated

on the Q-path and amplified on the I-path.

After differential detection, in Figure 3.10, the four points constellation splits in

sixteen points. From Eqs. (3.8) and (3.9), we are able to predict the position of each one

of these points by giving the correct values to Or (here 20 °), Ar and Br. The combined

distortions cause a larger splitting than for either single distortion, thus some points move

even closer to the decision boundaries and the BER increases even more than when phase

and gain imbalances are individually present.

Here a final remark needs to be made. Although no noise is added, we see that the

points are slightly fuzzy. This is due to the fact that the RRC filters are not perfect and

thus create a small amount of ISI. These imperfections results because, in the time domain,

the zero-crossing of the impulse response will never be ideally spaced. Indeed, the designed
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filter is not an Infinite Impulse Response (IIR), as it needs to be in the ideal case, but

rather it is a Finite Impulse Response (FIR) filter.
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4. THEORETICAL BER OF A 4 DQPSK SYSTEM DISTORTED BY
GAIN AND PHASE IMBALANCES AT THE RECEIVER

In the previous chapters, we saw that in 4 DQPSK transmission the information,

entirely contained in the phase difference on, can be corrupted by phase and gain imbal-

ances either at the receiver or at the transmitter. These distortions were shown to affect

the BER performance of the transceiver. In this chapter, a closed-form expression for the

BER as a function of gain imbalance, phase imbalance and SNRb will be derived. Many

papers deal with BER computations ([19] - [22]) but thus far no one has derived a closed

form expression for the BER in presence of gain and phase imbalances.

The BER also depends on the employed detection method. In the previous chapter,

we presented the detection scheme, used in the simulated receiver, called baseband differ-

ential detection. In this chapter, we will compare it with other detection schemes used

in 7-r4 DQPSK systems. Each detection scheme leads to a different way to compute the

BER. After analyzing the different detectors, we will calculate the BER of a differentially

detected 4 DQPSK system in the presence of gain and phase imbalance.

This chapter proceeds as follows. In the first section, a comparison between the

different detection schemes for 4 DQPSK signals is provided. Next, the closed-form ex-

pression for the BER of a differentially detected 4 DQPSK system in the presence of gain

imbalance is derived. Last, we derive a BER expression in the case of phase imbalance.

4.1. Differential and Coherent Detection

In the receiver only the phase difference between two sampling instants is needed

for the detection of information. Thus, it is possible to use differential detection. As

pointed out by Feher in [23], the hardware simplicity of its scheme makes it easier to

implement. Nevertheless, power and bandwith efficient digital communications systems

have traditionally used coherent detection [24]. Both schemes will have to be compatible
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with the differential encoding used in the particular system. The purpose of this section is

to compare coherent and differential detection.

4.1.1. Coherent Detection

Received
signal

Carrier
Recovery
Circuit

Timing
Recovery
Circuit

Decision
Device

1
demodulated

Multiplex
output

Decision
Device

FIGURE 4.1: Coherent Detector for 4 -DQPSK Signal

Differential encoding and decoding are employed in the studied system in order to

remove the problem of 90 ° phase ambiguity. The receiver configuration for coherent

detection is shown in Figure 4.1. For such a receiver it is well known [12] that the BER

is approximated by the following law, under the assumption that the noise affecting our

channel is white and Gaussian:

BERcoh = erfc( VSNR6) 4 erfc2 VSNRb), (4.1)

where SNRb represents the SNR per bit of the system and erfc represents the comple-

mentary Gaussian error function. This kind of detector has been implemented in [23]. In

an AWGN channel, the BER performance of a coherently detected 4 DQPSK is about 3

dB better than that of a differentially detected 4 DQPSK. However, differential detection
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does not require extra carrier recovery circuitry, its hardware complexity is therefore less

and thus it is often employed.

4.1.2. Differential Detection

Differential detection can be done in three main different ways: baseband differential

detection, IF differential detection and FM discrimination.

4.1.2.1. Baseband Differential Detection

This is the detector that was discussed in chapter 2. The idea is to quadratically

downconvert the signal and then create a structure that implements Eqs. (2.7) and (2.8)

that represent the differential detection by itself.

4.1.2.2. IF Band Differential Detection
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FIGURE 4.2: IF Differential Detector for I-DQPSK Signal
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The IF differential detector is seen in Figure 4.2. Here we try to implement Eqs.

(2.7) and (2.8) at IF. One advantage of this detector is that no LO is needed because of

the use of a delay line and two phase detectors. Thus, the band-pass filter at the front-end

of the detector must do the pulse shaping of the signal. The band-pass filter has to have a

RRC roll-off to assure no ISI. The bandwith of the signal at the output of the differential

detector is twice that of the baseband signal at the transmitter end [10]. One disadvantage

of this detector over the baseband differential detector is the use of analog, bulky external

components. Low power consumption and small size have been defined as the design goals

of this project. IF differential detection will therefore not be used.

4.1.2.3. FM Discriminator

IT/4 DQPS
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FM
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Integrate
and Dump
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Converter

demodulated

FIGURE 4.3: FM Discriminator for a yi-DQPSK Signal

waveform

The FM discriminator detects the phase difference directly without first finding its

sine and cosine. As depicted in Figure 4.3, the input signal is first filtered by a band-

pass filter then limited to remove any envelope fluctuation. The phase of the carrier is

unchanged. The FM Discriminator extract the instantaneous frequency deviation of the

received signal which, when integrated over each symbol period gives the phase difference

between two sampling instants. This phase difference is then detected.
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Interestingly, simulations have shown that the BER performances of these three

differential detection receivers are equal [10]. Their BER equation is found to be:

BER -12={1 Qm[V SNRb(2 + SNRb(2 12)]

+QmklSNRb(2 V SNRb(2 + 411

(4.2)

where Qm represents the Marcum's Q-function and is defined in citesampei by:

Qm(a,b) = f+00
tIo(at)ezp[_(a2 t2)]dt (4.3)_12

where I, represents the Bessel function of order 0. In the range of SNR that we are

interested in, Qm can be approximated in terms of the Gaussian complementary probability

distribution function Q, as given in [22]:

Qm(a,b) = Qabi Jai) (4.4)

In this case, the BER of a differentially detected 1-r4-DQPSK system is found to be, knowing

that Q(x) = 1 - Q(-x):

BER Q[N1SNRb(2 + /) \/SNRb(2 4] (4.5)

Figure 4.4 compares the approximated expression in Eq. (4.5) with simulated values.

We see that the approximation is good.

4.2. Theoretical BER Expression in Presence of Gain Imbalance at the
Receiver

In the previous chapter, we presented BER and constellation plots for our system in

the presence of gain and phase imbalances. The objective of this chapter is to find a closed

form expression for the BER and to compare it with our simulated results. The method

we use to compute the BER follows that published recently by Miller and Lee [22]. The

authors derived a BER expression for differentially detected 4 DQPSK system in presence

of non-stationary white gaussian noise in a Rayleigh Fading environment. The special case

of stationary uncorrelated noise when no distortions exist has already been presented in

Eq. (4.5).
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FIGURE 4.4: Estimation of the BER of our system using the approximation of the Mar-
cum's Q function
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4.2.1. Mathematical Background

In this section, we present the mathematical background needed to compute the

BER. We first will present the characteristics of the noise in the system. We assume the

noise at the front-end of the receiver to be white and Gaussian. It is traditionally written

as a bandpass noise n(t) with two independent quadrature components nj(t) and nQ(t).

We can write it as:

n(t) = ni(t)cos(wct) nQ(t) sin(we t) (4.6)

We will further assume that the noise is stationary, zero mean and that:

an -= Qnl = anQ (4.7)

We have already seen that the signals at the front-end of the differential detection blocks

are denoted Ifur(n) and Qpir(n) (see Figure 2.1) and that differential detection is applied

on these two signals in order to recover the transmitted bits. If S represents the power of

the signal, we have in the perfect case:

-rout = far 71 fr n n fur (T)0 f r (n

= S cos 7bn

Q.t = 2 LQfitr(n)Ifitr(n
1) fur(n)Q filr(n 1)1

S sin On

(4.8)

(4.9)

In presence of gain imbalance and bandpass noise, it is possible to define the waveform

at the front-end of the receiver in terms of the undistorted information signals, Ifit(t) and

Qfit(t) (see Figure (2.1)).

rrec(t) = Irec(t) cosp, Qrec(t) sin(co,

/,(t) = Ar Rfi1 (t) + ?I'M]

Qrec(t) = Br [Qpi(t) + nQ(t)]

(4.10)
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We recall that Ar and Br represent the gain imbalance of our system. Even though there

vary slowly over time, much of this work relies on first and second-order series approxi-

mation based on the fact that Ar and B are generally close to one. We define the gain

mismatch as the ratio of A,. and B,. and it is typically between 1 and 1.2. Without a loss

of generality, we assume that Ar is greater than Br. We decide to write them in the form:

A, = 1 + 2
Br =- .L

(4.11)

To continue the mathematical analysis, we switch to matrix notation. Following [22],

we introduce a four-dimensional random vector v defined as:

v=

Thus,

'out

Qout(t)

where we define the transformation

Tr =

and

TQ =

irec(n)

Qrec(n)

Irec(n 1)

\Qrec(n 1)1

1 7'
(t) = v

= 1 vT TQ
2

matrices:

/0 1 0\2

10 0 0
2

1 0 0 02

1 0 o/\0 2

/0 0 0

0 0 1
2 0

0 1 0 02

1 0 0 0

v

V

1N
2

(4.12)

(4.13)

(4.14)

(4.15)
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The objective is to use this notation to find the joint distribution of these random

variables in order to find the probability of error of our system. Thus our problem is to

derive from its mean vector and covariance matrix the probabilistic characteristics of the

multivariate Gaussian random vector v. The mean vector of v, treated here as deter-

ministic, can be expressed by taking the expected value of Eq. (4.12) and the notations

introduced in Eq. (4.11):

I A, cos en \
Br sine?,

!Ay = VT5' (4.16)
Ar COS 0n -1

and its covariance matrix is then:

\Br sin On-11

AF. 0 0 0\
0 B? 0 0

K, = an2 (4.17)
0 0 AT 0

0 0 0 ET?'

4.2.2. Computation of the BER

Now that all the necessary notation has been defined, it is possible to express the

joint marginal characteristic function for the outputs of the differential detector as given

by [25]. Let's denote Id the identity matrix:

exp(-1 tzT,' K,T1 (I d [Id jK,(pTI + qTQ)]-1)14v)
Ti,c2(P, q, On) (4.18)

IId- j.Kv(pTI + qTQ) 11/2

Once we know the characteristic function, we can integrate it to find the probability

of error for every region defined by On. It is interesting to note that in our system, one

bit-error corresponds to a sign error on either the I-path or the Q-path. For example, the

sign of both signals, at the output of the receiver, is positive when a 4 was sent due to

Eq. (2.7) and (2.8). An error would occur if either one or both of the received signals had



37

a negative sign. We assume also here that the double-errors events can be neglected with

respect to the single-error events. Indeed in this thesis, we consider the total BER to be

the average between the BER on the I-path Pei and the BER on the Q-path PeQ.

1BER = 2(Pei Pe(?) (4.19)

We divide our output constellation in four regions of decision shown in the table below.

Quadrant 'out Qout I,bn

1 >0 >0 E4

2 >0 <0 -4

3 < 0 > 0 1:

4 <0 <0 -,

TABLE 4.1: Quadrant Repartition

Now it is possible to find expressions for the total probability of error in our system

if we assume that, both I- and Q- paths have a probability of error that is quadrant

independent. Thus, to find the total BER, we must determine the probability of error in

a single quadrant and assume that all the quadrants are equiprobable. This leads us to

write a series of equations:

Pei = (Penen ± Pen + Pen + Per4)
1PeQ = egi ± Pew ± Pew ± Pegg)

Pen = Pe12 = Pen = Pe14

Peg' = Pew = Pew = PeQ4

BER = 2 (Pen + Pec2i)

(4.20)

(4.21)

where Pei denotes the probability of error on the I-path, Pec, the one on the Q-path, Pen

the probability of error on the I-path for the region denoted 1 in Table 4.1, etc... The main
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result is that we only need to compute the probability of error in one quadrant to find the

BER of the overall system.

4.2.3. Computation of the Probability of Error on the Q-path

We first want to compute the probability of error on the Q-path of the receiver. In

order to compute the probability of error on the Q channel we need to look at the joint

characteristic function of both I and Q channel in (4.18), and, assuming independence, set

the I-channel to zero by taking p = 0. This gives the marginal characteristic function for

the Q channel:

ex (-11.4' KtT1 (I d [Id vq2"Qi-1)1.41,)
TQ (q, n) = lid j-KtiqTQ 11/2

(4.22)

The objective of the following computation is to find a familiar expression for the

characteristic function. Therefore, if the properties of the characteristic function are known,

the BER, which is the probability of error of the process defined by this characteristic

function, can be derived.

First, the determinant at the denominator has to be calculated using the expressions

found for and K, in Eqs. (4.16) and (4.17). We define, for simplicity,

Then,

1X = qo

iKv4TQ 11/2 = 1+ Ar2Br2x2

Then the term in the exponential.

(4.23)

(4.24)

1 T -1 2SNRb 2 2 2tiv Kv (Id [Id ilfvq7V-1)µv = 1+ A.P42[2.47Bx 23 ArBrx sin On]

where = SNRb
2cr?,

where S denotes the power of the undistorted signal.

(4.25)
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By substituting Eqs. (4.24) and (4.25) into (4.22), the characteristic function can be

put in the form:

T c2(4,0n) = i (q, Ai) x f( q, A2)
1 jrsq-f (q, A) .

1 jisq exP 1 Psq
1

IS = -2ArBran2where

(4.26)

(4.27)

(4.28)

By simple identification, it can be found that:

Ai = 2
A
SNRb (2 + 2 sin ) (4.29)

r Br
SN Rb

(2 2 sin )A2 = 2 ArBr

As seen in [22], the distribution whose characteristic function is f (q, A) is a non-

central chi-squared random variable with two degrees of freedom. The characteristic func-

tion of the sum of two random variables is the product of the characteristic functions of

both random variables. So the characteristic function in (4.26) corresponds to the differ-

ence of two appropriately scaled independent chi-squared random variables with 2 degrees

of freedom. Due to our assumption of symmetry in the above distributions, only one of

the four conditional error event probabilities has to be computed. Thus, without loss

of generality, we consider quadrant 1 of our system where On = 1. For this region, as

sin On = *:

Al = 2 SNRb (2 + ,fi) (4.30)
A, Br

A2 = 2 SNRb
(2 -\/)

Ar Br

Using the approximation of the Marcum's Q function in (4.4) and the result in [22],

it is possible to compute PeQ, the total probability of bit error on the Q-channel in presence

of gain imbalance on I and Q-paths.

PeQ = Pr(Qout < 0 I 0.)

Qm \/-2-. , l--)

Q 0 \N)

(4.31)

(4.32)
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Thus, we have computed the probability of error on the Q-path in presence of gain imbal-

ance. We now need to compute that of the I-path. By averaging, we will find the total

BER expression for our system.

4.2.4. Computation of the Probability of Error on the I-path

In order to compute the probability of error on the I-path we need to look at the joint

characteristic function of both I and Q channels in (4.18), and assuming independence, to

set q = 0 (no influence of the I channel). This gives the characteristic function for the I

channel:

TAP, IN) =
exp (-11-jK;1(Id iKvpT/]-1)/Av) exp(E)

ilft,PT11112 D112 (4.33)

This time, the problem is not as straightforward. It is impossible to write the charac-

teristic function in the form of the product shown in Eq. (4.26). This is a problem because

this product formulation is required to derive a closed-form expression of the BER. There-

fore we proceed by approximating Eq. (4.33) with first and second-order series expansions.

First the determinant is exactly computed, using the expression for A and B given by

Eq. (4.11), and for the mean function (4.16) and the correlation function (4.17). Here we

define, for simplicity,

Then,

1
X =

2
pan2 (4.34)

D = = (1 + Ar4x2)(1+ -Nx2) (4.35)

(1 Ar2B7.x2)2 4 62x2

We must now approximate the determinant by a perfect squared expression in order later

to put the characteristic function in Eq. (4.33) into the product formulation of Eq. (4.26).

The approximation that will be made here is only true if e is small enough.

D (1+ Ar2B2x2)2 (4.36)
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We now need to make a similar approximation for the term in the exponential, in Eq.

(4.33).

2SNE = x [2Ar4B;1.x4
(1 +4.x2) (1 + B`71. x2)

2j Ar2 Br2 x3[B,2 cos On cos + Ar2 sin On sin On-i]

+ x2 [Ar4 (cos2 On + cos2 On_i) + B4(sin2 + sing On-1)]

2jx[Ar2 cos q cos + B72 sin On sin Onl]]

(4.37)

If we use the approximations used in Equation (4.11), and that we limit ourselves to

second-order series expansions, we thus have:

2SNR6
(1 + Ar2 Br2 x2E ) x

(1 + il?.Mx2)2 - 4 E2x2

r4 (COS2 COS2 On-1) B s
2
7. ( in2 + sing 072-1)][ A7.2.13,2x2ri

I 2

2jArBrx(Ar2 cos On cos On_i + Br2 sin On sin On-i ) ]

E2
jx cos On 2 + X2 (E(COS 20n + cos 20n-1) + 2.5E2)

jX3 cos On
2

X4 (E(COS 20'n + COS 20n-1) ± 3E2)

(4.38)

If we assume that E is small enough we can then we can neglect the terms in E and e2 and

approximate Eq. (4.38) by:

E 2SNRb
-,

(I. + Ap3,?x2)
[

A2B2x2ri + -4 + B;. (sin2
On + sin2 On -1)]r4 (cost A +k V'n -r COS2 wn-1/ -I-

L 2 2

- 2jArBrx(Ar2 cos On COS On-1 + Br2 sin On sin On- 1) i

(4.39)

Therefore, we can now approximate the characteristic function as being the difference of

two chi-squared random variables appropriately squared. All the conditions have now been

fulfilled to express the characteristic function, given by Eq. (4.33), in the form:

T (Pol,n) PP, A3) x f (-13, A4) (4.40)

4
f (P, A)

1
exp inP (4.41)

1 jtcp 1 jig)
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Figure 4.5 shows the matching of the approximated characteristic functions with the real

one for a 22 % gain imbalance. Figure 4.6 shows the absolute error made during these

approximation.
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FIGURE 4.5: Real and Approximated Characteristic Functions
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The question that has here to be asked is whether the approximation stays good at

any SNRb. It appears that the error between the real and the approximated characteristic

function becoines bigger as the SNRb increases. That is why, we expect to see the accuracy

of the approximation fade as the SNR increases. However, for the cases we are most

interested in, the approximation is good.
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It has already been seen that in each quadrant, in presence of gain imbalance, the

constellation of the output signal splits from four into eight points (two in each region),

as shown in Figure 3.6. Thus, two different cases, corresponding to two different points

in each quadrant, have to be considered. These points have the same Q-value but have a

different I-value. In terms of Eq. (4.40), for the upper right quadrant, this is translated by

the apparition of 2 points a and

)t3a =

A4a =

A3b =

A4b =

b:

2 + 0.754 + + 0.25V) (4.42)

+ 0.754 A4r2 0.25B4 )

+ 0.75/4. + + 0.254)

+ 0.75B,4 fBT + 0.254)

ASNRb (1r Br
nSNRb
z (1ArB,
2

SNRb
(1ArB,

nSNRb
1(

It is possible now to compute the total probability of bit error on the I-channel in presence

of gain imbalance on I and Q-paths as being the average between the average between the

probability of error the two points in which the constellation splits in one quadrant.

p = Pr(/out < 0 I On)
1

= 2 Wei a + Peib)

= [Qn,.(\ \ + Q.(1N, )1))]

[Q(v \Pi-.)+Q(V Ail)]
In presence of gain imbalance, the total BER of our system is thus:

B ERg = Pr(Iout < 0 or Q out < 0 I )

=
1

(Pet ± Pet?)

(4.43)

(4.44)

(4.45)

(4.46)

Figure 4.7 shows the estimated and simulated BER for no gain imbalance and e = 0.2

(corresponding to 1 dB and typically the biggest gain imbalance possible). The accuracy

is reduced as E increases because the assumption that we can neglect terms in E and e2

becomes less valid.
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4.3. BER expression in Presence of Phase Imbalance at the Receiver

We already derived the BER expression for differentially detected 4 DQPSK signal

in presence of gain imbalance. The same approach used in the previous section is now used

to derive the BER expression for differentially detected 7,-r-4 DQPSK signal in presence of

phase imbalance.

4.3.1. Mathematical Background

Following what we did in section 4.2.1, we first introduce some notation. The nota-

tions and assumptions made on the noise in the previous section in Eq. (4.6) stay true:

the noise is a stationnary, zero mean AWGN process. In presence of phase imbalance at

the receiver Or and bandpass noise, it is possible to define the waveform at the front-end

of the differential detector in terms of the undistorted sent information Ifi/(t) and Qpi(t).

rrec(t) = r Or(t) cos(w t rec(t) sin(w t

I, (t) = I f u(t) n (t)

Qrec(t) = Qpi(t)+742(t)

(4.47)

Once again, we will formulate a Gaussian characteristic function and then try to factor it

as in the last section. Only the mean and covariance matrix of the multivariate Gaussian

process change with respect to the previous case. We now have:

I COS (On

Sill(en

COS(9 n-1 t2L)

n -1 + )

(4.48)
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/ 1 sin Or 0 0

sin Or 1 0 0
K, = an2 (4.49)

0 0 1 sin Or

0 0 sin Or 1 j

4.3.2. Computation of the Probability of Error on the Q-path

Here again, we first want to compute the probability of error on the Q-path of the

receiver. In order to compute the probability of error on the Q channel we need to look

at the Q-channel characteristic function still given by on (4.22), which is repeated here for

clarity:

exp (--114T,' -K;1 (Id [Id i K AT c2]-1)11v) exp(E)
Tc2 (4, n) = = (4.50)

11-d - j I f vqT Q1112 DO
The expressions for x (Eq. (4.23)) and is (Eq. (4.26)) remain the same.

We will once again first compute the determinant of the denominator and then deal

with the exponential.First, the determinant is calculated using the expressions found for

mi, and 1{,, in Eqs. (4.48) and (4.49).

D1/2 = 1 + x2 cost Or (4.51)

The argument in the exponential is now given by:

2SN RbE =
1 + X2 cos2

[2z2 cos 2 Or 2jx cos Or sin on]

Once again, the characteristic function can be put into the form:

by selecting:

(4.52)

y Q(q, on) = f (q, A1) x f (-q, A2) (4.53)

1 psql
f (q, A) = exp (4.54)

Al = 2 SNRb
(2 + 2 sin On)

cos Pr

A2 = 2 SNRb
(2 2 sin On)

cos Pr

(4.55)
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The quadrant 1 of our system where On = 4 is the only one taken into consideration as

the assumption of equiprobability still remains:

5coNs
Al

A2 = 2 (2 N/)

(4.56)

As in the last section, it is possible to compute PeQ, the total probability of bit error on

the Q-channel in presence of phase imbalance on I and Q-paths. This probability of error

uses the parameters present in the characteristic function as follows:

PeQ = Pr(Q.t < 010.)

/Ai)Qm (V T' V 2
Ti. JA2)

(V 2 2

4.3.3. Computation of the Probability of Error on the I-path

(4.57)

(4.58)

In order to compute the probability of error on the I channel we once again start with

the I-channel characteristic function in (4.33). This computation, as for the gain imbalance,

is more complicated as it requires some approximations to write the characteristic function

in the form of the product shown in (4.26). The expressions for x (Eq. (4.23)) and n (Eq.

(4.26)) remain the same. First the determinant is exactly computed using expressions for

m and K found in Eq. (4.48) and (4.49). Then the approximation is performed by

considering that the phase imbalance is a small angle or. First and second order series

expansions, based on the small angle approximation will be used. This means that in our

computations, as is considered small:

cos ork r 1 "
2

(4.59)

Sill Or (/) r (4.60)
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(4.61)

(1 + X2 cost 0)2 (4.62)

We now need to make a similar approximation for the term in the exponential, in

Eq. (4.33):

E = 2SNRb x [ 2x4 cos4
((1 + x2 cost Or)2 + 2x2 sine Sbr)

2jx3 cost (/), [cos sin Or Sin( + (bn -0]

2x2(1 + sin Or [Sill(20n) + Sill(20n-1)] sin2 Or)

2jx[cos + sin Or sin(On + On-1)1

If we limit ourselves to second-order approximation in Or, we thus have:

(4.63)

2SN Rb x [(1 + s2 cos 2 Or) x (4.64)
(1 + X2 COS2 07-)2 + 2X20?

[ X2 COS2 4[2 + sin Or (sin(20n) + sin(24n-1)1

2jx cos 0,[cos7,bn + sin Or Sin(in + On--1)] ]

jx
2

[COS On + sin Or sin(On + 9)7L-1)]

+ x2 [Or (sin 20n + sin 20n- + 40r2]

2./X3 [Or Sin(g5 + 0-n-1) Or2 cos 'On]

X40,- (sin 20n + sin 20n-1)

If we assume that 0 is small enough we can then we can neglect the terms in Or and Or2

and approximate this function by:

E 2sNRb
(1 + X2 COS2 0r) X

2 cos2 (kr [2 + sin Or (Sin(20n) + Sirt(20n-1)]

2jx cos Or [COS On + sin Or Sin* + On--1)]

(4.65)

Finally, using the approximations in Eqs. (4.61) and (4.65) in Eq. (4.33) it is possible to

approximate the characteristic function as being the difference of two chi-squared random



variables appropriately squared by expressing:

Tt(poN) A3) x f(P, A4)
1 tc14

50

(4.66)

(4.67)

(4.68)

f (19, = 1 jtspexP 1 jisp

Figure 4.8 shows the matching of the approximated characteristic function with the real

one for 20 ° phase imbalance. Figure 4.9 shows the absolute error made during these

approximation.
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Here again, the error between the real and the approximated characteristic function

becomes larger as the SNR gets bigger because the approximations made in Eqs. (4.61)

and (4.65) are less accurate.

It has already been seen (Figure 3.8) that in each quadrant, in presence of phase

imbalance, the constellation of the output signal splits from four to eight points (two

in each region). This points have the same value for Q but have different I-values that

correspond to:

A3a

A4a

A3b

A4b

2
SNRb (2 + + (1 + N/) Or)
cos Or

2
SNRb

(2 + (1 \12-) sin Or)
cos Or
SN Rb= 2 (2 + vz (1 + N)sinckr)
cos q)r
S N Rb= 2 (2 v 2 (1 /) sin Or )
COS Tr

(4.69)

It is possible now to compute the total probability of bit error on the I-channel in presence

of gain imbalance on I and Q-paths as being the average between the average between the

probability of error the two points in which the constellation splits in one quadrant.

Pej = Pr a cmt < 0 I On) (4.70)

1
= (Pe.r a ± Pei 6)

= [(Int (1/ A4a Ipt3a. Qm(VA24b .1A;b )1
2 '6 2 2

1 [4A3a \./A4a \ptab \/A4b)]
2 2 2 2 2

In presence of phase imbalance, the total BER of our system is thus:

B E Rp = Pr (lout < 0 or Qout < 0I fin)
1

= 2 (Pei + Pe(?)

(4.71)

(4.72)

(4.73)

Figure 4.10 shows the estimated and simulated BER for no phase imbalance, Or = 10° gain

imbalance and Or = 20° (typically the biggest phase imbalance to expect is around 7° but

this value varies with device matching and design effort). We see that the estimation is
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very good at least until 10 ° and then deteriorates for bigger values like 20 ° because the

assumption that we can neglect terms in ck, and 0,2 becomes less valid.
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FIGURE 4.10: Estimation of the BER of our system with Phase Imbalance at the Receiver
using our Approximations
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5. ESTIMATION AND CORRECTION OF THE I/Q IMBALANCES
AT THE TRANSMITTER

In chapter 3, the gain and phase imbalances at the transmitter and at the receiver

were mathematically derived and simulated. In this chapter, we present a new method to

estimate and correct the imbalances at the transmitter. The reader can refer to [26] for a

similar method in receivers. For the estimation it is assumed that the DC offset is already

taken care of, thanks to the method presented in section 3.2.

The general idea of the estimation of the imbalances is to feed the local oscillator

signals (sine and cosine) back in the input of the mixer. The output of the device line

(mixer, filters etc.) will then be a DC signal containing the gain (resp. phase) imbalance

information. This estimation method will be shown to require few extra analog components.

This chapter is organized as follows. In the first section, we will explain why a

correction algorithm at the transmitter is needed for the I/Q mismatch and will look at

the previous compensation methods proposed by other authors. Then we will present our

algorithm, first the estimation of the gain and phase imbalance and then the predistortion

circuit that will correct for these imperfections. We will also consider this algorithm in

presence of DC offset.

5.1. Previous Work on the Influences of the I/Q Mismatch at the Trans-
mitter

An important objective in mobile telecommunications has been to revolutionize the

transceiver architecture in order to have a low power consumption in a low complexity ar-

chitecture while using linear modulation methods. In a direct-conversion transmitter, the

signal is passed through the quadrature modulator and then through a power amplifier.

The first paradox of the system lies in the fact that to have power efficiency characteristics,

a non-linear amplifier must be used. However, in order to meet the spectral efficiency re-

quirements, some kind of linearization circuit must be used. Most of the time a predistorter
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is used before the power amplifier. It is a non-linear system with the inverse properties of

the power amplifier [27]. The system is represented in Figure 5.1.

data trom the

transmit

modem

Quadrature
Modulator

With
Imbalances

Predistorter Power
Amplifier

FIGURE 5.1: Direct-Conversion Transmitter Output

to the

antenna

As we saw in the previous chapter, the quadrature modulator is subject to gain and

phase imbalance. Many papers by Cavers et al. ([15], [28] [30]) show the influence of

these imbalances on the predistorters for amplifier linearization. It has been proven that

even small errors in the quadrature modulator result in a large intermodulation error at the

amplifier output. The intermodulation product, the quantity generally used to quantify

these distortions, is due to a mismatch of the non-linearities of the predistorter and power

amplifier due to I/Q mismatch.

Methods to correct for the gain and the phase imbalance at the transmitter have

been published. Cavers et al, present several adaptive procedures for compensation of

the imbalances in the quadrature modulator using an envelope detector after the power

amplifier. In [3], the coefficients of the predistorter are measured at the output of the

envelope detector. The authors use test signals for which they know the ideal output to

correct the distorted signal. The error-signal for the adaptation is found by subtracting

the ideal and distorted signals. In [27], an adjacent channel is employed to include the

correction for I/Q mismatch. It is shown that the power of this channel is a quadratic

function of the gain and phase imbalances. Their predistortion circuit uses a recursive

least-square adaptive scheme to solve a surface-fit problem. More recently in [15], Cavers

proposes two faster new algorithms for solving this problem.
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Faulkner et al, ([31] [33]), introduced their own predistortion method to correct the

studied imbalances. A diode detector is used to measure the RF power corresponding to

some known test vectors. The estimates of gain and phase imbalance are then extracted

from these measurements and fed back to a predistortion circuit.

In the next section, we will present our own estimation method for gain and phase

imbalance at the transmitter as well as the predistortion circuit used.

5.2. Imbalance Estimation and Correction at the Transmitter

--OP
Diff.
Encoding
Over-
sampling

Pre-I
Di
to ion

/

/

/

/

D/A

--. D/A

Adaptive algorithm

LPF H At
cosokt (1y2)

LPF

FIGURE 5.2: Proposed Scheme for the Estimation and Correction at the Transmitter

In the previous section, we presented the most relevant publications on methods used

to estimate and correct for the gain and phase imbalances due to the quadrature modulator

at the transmitter. Our new scheme, presented in this thesis, is shown in Figure 5.2 and

will be discussed in the next subsections.

The estimation of the imbalances at the transmitter is very similar to that at the

receiver presented in [26]. The major difference is in the correction circuit. At the trans-
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mitter the correction circuit has to be a predistortion circuit because the correction has to

be performed in the DSP before the distortions occur.

In the following sections, the estimation algorithm for gain and phase imbalances at

the transmitter is discussed. The general idea is to feed pilot tones into the quadrature

mixer during idle times of the mobile unit in order to generate DC signals proportional

to the imbalances we want to estimate. The DC signals will be averaged over time in

order to eliminate the influence of the noise. The advantage of our method is its hardware

simplicity.

As will be shown later, estimation of the phase imbalance requires knowledge of the

gain imbalance. Thus, the estimation algorithm must proceed in two steps. First the gain

imbalance is estimated and then the phase imbalance.

5.2.1. Gain Imbalance Estimation

The basic idea of the estimation procedure is shown in Figure 5.3. When both the

transmitter and the receiver of the mobile unit are idle, three signal paths are switched off:

the ones coming from the DAC, just before and just after the mixer. The LO signals are

then fed into the RF ports of the mixers using a switch. A second trace is required feed

back the output of the mixer to the input of the DAC.

To fully understand our approach, we refer to Figure 5.3. On the I-path, cos(wct+ 4)

is input to the mixer and on the Q-path sin(wct 4) is input. This requires that the mixer

has a wide-band baseband input. Usually, the input of the mixer is baseband but in this

case, it is at RF. This may be a limiting factor of this method. At the output of the mixer,

we have

Imod(t) = At cos2(wct +
At [1 + cos(2wct +4)0]

Qmd(t) = Bt sing (wet
Bt

[1 cos(loct fit)]

(5.1)



N
cos((oct + cly2)

--al.

Switch-Control

00 N
sin(wct tly2)

Time-
average

FIGURE 5.3: Gain Estimation at the Transmitter
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When these signals are low-pass filtered by the analog low-pass filters at the output of the

DAC and multiplied by a factor 2, we are left with two DC signals, which values are the

gain of I and Q paths, in noise (thermal and device noise).

These signals will be time-averaged to produce estimates At,est and Bt,t Two

possibilities can be used to perform the time average: an analog low-pass filter or a digital

time average of the samples of the quantized DC signals. For precision and optimization

of space, we prefer the second option over the use of a bulky, high-order filter. However

the extra circuitry used (i.e. the ADC) makes this solution less simple than the similar one

found at the receiver in [26]. In this study, it was shown that the resolution of the A/D

converter was the main constraint that was affecting these estimates. In the case where

the resolution of the ADC is not enough to give a close estimate of the gain imbalance,

dithering may be used [26].
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5.2.2. Estimation of the Phase Imbalance

As can be seen in Figure 5.4, the estimation of the phase imbalance is very similar

to the estimation of the gain imbalance. Measuring the phase imbalance, we can thus use

many of the same switches as in the gain imbalance estimation.

--0 At

sin(oct -4y2)

Switch-Control
Time-

average

Bt,est

FIGURE 5.4: Phase Estimation at the Transmitter

st(t)

sin(0st= skew

In the case of the phase imbalance estimation, the same switches and feedback loops

are needed. This time, the case where LO signal of the I-path is input to the mixer of

the Q-path is presented. The case where LO signal of the Q-path is input to the mixer of

the I-path is symmetric and will not be presented. However, this double measurement is

interesting because it gives us twice more samples to estimate the phase imbalance. The



output of the mixer is then:

Qmod(t) = Bt sin(wct

--Bt [sin(0t)
2

cos(wct + 2t

sin(2wct)]
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(5.2)

After low-pass filtering, scaling by a factor two and analog to digital conversion the signal

recovered at the output of the estimation circuit is -Bt sin(0t). If we have a good estimate

of the gain of Q path, we can then, after time averaging and division by the estimate of

Bt, recover the estimate of the phase imbalance.

While we feel that that this method has the potential to substantially improve upon

the performance of the transmitter, we also need to identify the limitations of this method:

The mixer needs to have a wide-band baseband input.

Extra circuitry is required: an extra ADC is required, unless that of the receiver can

be used.

5.2.3. Predistortion Circuit: Correction of the Imbalances

The above estimation methods return the estimates At,est, Bt,est, sin (hrt,est. The

remaining problem is to find a predistortion circuit that can use these values to correct

the effects of the imbalances at the output of the transmitter. Let's denote Idistorted and

Qdistorted as the distorted signals at the output of the transmitter. Then, we can write:

ST (t) = 'distorted COS(Wct) Qdistorted Sin(Wct) (5.3)

We desire a predistortion circuit than can correct for the distortions in such way so that

the ideal undistorted signal is transmitted. The ideal signal is when At = Bt = 1 and qt =

0. In matrix notation, if we call D the distortion matrix and P the predistortion matrix,

we have, translating Eq. (3.4) and the cross-talk between the I and Q paths:

'distorted =D x
Qdistorted

("ideal)

Q ideal
(5.4)



Where

D= ( )Al cos ts- Be sin V-

ile sin V Bt cos 4-1-
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(5.5)

The perfect predistortion matrix is the inverse of the distortion matrix. We can thus write:

P = DI. = 1
cos cbt

-1- ts-( At cos

1.171 sin

At-1-1 sin

Bt cos 22

(5.6)

The predistortion circuit representing this matrix is shown in Figure 5.5 without the gain
I Indeed, as this gain is the same on both path, it does not affect the overall gain.cos of

The real correction part is the cross-multiplication between I and Q-paths.

cos(Ot,est /2)

After sin(Ot,est /2)
Differen-
tial
Decoding

10 h---sin(Ot,est /2)

COS (4)t,est /2)

Bt.est

.,est

Ipredistorted
0.

FIGURE 5.5: Predistortion Circuit

Qpredistorted 1:1)
II.

The correction algorithm will be implemented on a digital signal processor. As the

use of sine and cosine is required, this will be obtain using look-up tables on a small range

of value for fie. Another option would be to use, as typically the phase imbalance is less
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than 5 °, the following approximations:

cos Ot 1
2

(5.7)

sin Ot (5.8)

(5.9)

5.3. Simulation Results

In chapter 3, we discussed the impact of the I/Q distortions on the performance of

the direct-conversion transceiver. In this section, we demonstrate the capability of our

new estimation and correction algorithms for a direct-conversion transceiver suffering from

gain and phase imbalances. It was discovered that the limiting factor of the estimates is

the quantization noise, and via simulation, what quantizer resolution is required for an

acceptable estimate [26]. Here again, the values of the imbalances that we choose do not

correspond to typical values. We set them high in order to more easily study the influence

of these imbalances and to better observe the correction

0

1.5

0.707

-0.707

-0.707 0 0.707 15

FIGURE 5.6: Gain and Phase Imbalances at FIGURE 5.7: Gain and Phase Imbalances at
the Transmitter before Differential Detection the Transmitter after Differential Detection
with and without Correction with and without Correction
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The performance of the estimation and correction algorithm will first be observed

by using constellation diagrams. Figures 5.6 and 5.7 show the influence of combined gain

and phase imbalances at the transmitter but also the state of our system after the new

correction algorithm is implemented. It is easily seen that the corrected constellation

reverses the attenuation and rotation introduced by the gain and phase imbalances at the

transmitter. The split points move back to desired ideal spot, making the distorted case

come back to the ideal case.

We now study the influence of the DC offset on the system and the correction method.

In Figures 5.8 and 5.9, a DC offset of 5 % is introduced in the system along with 20 %

gain imbalance and a 10° phase imbalance. The influence of the DC offset after differential

detection is especially problematic as can be seen in Figure 5.9. However, if we consider

the method, presented in section 3.2, to remove the DC offset, we see that the correction

algorithm is still performing perfectly.

-1.5 0-0.5
I-path

0.5 1.5 -1.5 -0.707 0
I-path

0.707 1.5

FIGURE 5.8: Addition of DC Offset before FIGURE 5.9: Addition of DC offset after
Differential Detection with and without Cor- Differential Detection with and without Cor-
rection rection

Finally, the correction method is evaluated in terms of BER performance in Figure

5.10. We see that the corrected curve land almost perfectly on the ideal curve. This proves
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that the correction method works perfectly as long as we assume, as in the simulations,

that the resolution of the ADC is sufficient.

100

1 0-2

104

1 0-4

10-s
0

ideal BER
:o corrected BER

BER When 1/0 mismatch and DC offset of 5% are ad

3 5 6
SNR/bit in dB

7 8 9 10 11

FIGURE 5.10: Correction of all Imbalances at the Transmitter on the BER of the system
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6. CONCLUSION

In this thesis, distortions common to the transceiver architecture called direct-conversion

or homodyne or zero IF architecture have been studied. It was shown that I/Q imbalances

in a quadrature modulator or demodulator and DC offset at the different gain stages of

the transceiver can have a devastating effect on the performance of differentially detected

systems.

First, we mathematically formulated the influence of the gain and the phase imbal-

ance on the performance of the overall transceiver. Plots showing the degradation in terms

of BER and their effect on the constellation diagrams were presented.

We also derived, for the first time, an expression for the BER of differentially detected

4 DQPSK signal in the presence of gain and phase imbalances at the receiver.

Finally, after analyzing the negative effect on amplifier linearization circuits at the

transmitter, a new method for estimation and correction of gain and phase imbalances was

presented. The influence of DC offset and its removal were also presented. It was shown

that the estimation circuit needs few additional analog components, but that the accuracy

of the parameter estimation depends on the resolution of the ADC.

Future work will entail implementing the new estimation and correction methods

on a digital signal processor. Thus, it will be possible to determine whether a hardware

implementation of the new scheme is feasible or not. Additionnally, the BER expression

of a differentially detected i DQPSK signal in presence of combined distortions could be

explored.
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