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Time-domain data conversion has recently drawn increased research attention for
its highly digital nature in favor of process technology scaling. Also, as the time
information being carried by binary voltage, time-domain operation is much less
sensitive to voltage noise compared to conventional voltage domain operation.
However, for analog-to-digital converter (ADC) application, the challenge lies in the
methodology of benefiting from time-domain operation while maintaining/improving
the overall data conversion accuracy and power efficiency. This dissertation has a
focus on the investigation of novel data conversion topologies based on classic voltage
domain operation that is capable of generating time information, to improve ADC
resolution, system stability and speed without power penalty.
In the first approach, a novel continuous-time (CT) delta-sigma modulator (DSM)
using a time-interleaved quantizer is proposed and implemented. Along with the
doubled sample rate, the proposed architecture utilizes time information to perform
correlated coupling between the two quantizer channels. A 120MS/s CT ΔΣ ADC
using proposed technique is implemented in 0.18µm CMOS process. The
measurement results achieve second order noise coupling from the interleaved
quantizer itself without extra phases. More importantly, excess loop delay of two full
sample clocks is compensated by time-domain signal coupling; the resulted CT DSM

is fully stabilized in 120MHz sampling rate and achieves 11 effective number of bits
(ENOB).
In the second approach, a new category of pulse-width-modulation (PWM) scheme
is proposed and described: time symmetric PWM (TSPWM). An ADC structure is
further proposed and implemented utilizing this novel voltage-to-time converter,
followed by a first order noise-shaped switched-ring-oscillator (SRO) TDC quantizer.
This ADC topology takes advantage of the TDC speed scaling for its digitized
operation to boost the overall ADC resolution and signal bandwidth, while the
voltage-to-time front-end is able to remain at a much lower speed than the TDC,
thanks to the proposed technique. This is the first work that decouples the PWM
modulation rate from TDC quantizing speed without distortion penalty. Built in
0.18µm, the implemented ADC is able to sample at a range from 20MHz to 40MHz,
the generated pulse train is quantized by the following SRO TDC at a rate of 400MHz.
The prototype chip shows a SFDR improvement over 24dB on the ADC output when
TSPWM is used.
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EFFICIENT USE OF TIME INFORMATION
IN
ANALOG-TO-DIGITAL CONVERTERS
1

INTRODUCTION

Analog-to-digital converters (ADCs) are key components for interfacing the analog
natural world to the artificial digital signal processing (DSP) world. To cope with the
growing demand from applications like portable devices, consumer electronics and
bio-sensors, electronic devices steer their evolution toward more compact, higher
performance and better power efficiency. While the digital computation power
blossomed from more sophisticated DSP engine which is benefiting from the digitaloriented silicon fabrication technology, ADCs involved with real-world and real-time
analog information processing are more likely to become the bottleneck for the
accuracy, performance and power-consumption. As a result, novel ADC techniques
are even more imperative than ever in today‟s digital era for our increasing appetite on
the ability to access and exchange information anywhere and anytime.

1.1 Motivation
CMOS process technology is commonly used as the electronics fabrication
platform for its almost zero cost per device, high integration and its ability to scale.
Especially the scaling effect is a crucial property of CMOS technology as it helps to
reduce size and increase the speed of devices. However, with smaller CMOS
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technology node, the power efficiency for ADCs do not benefit from scaling all along.
As shown in Fig. 1.1 [1], for lower accuracy ADCs (below 60dB), power efficiency
(power consumption over signal bandwidth) decreases two times after signal to noise
dynamic range (SNDR) doubles; for reported high accuracy ADCs (above 60dB), the
rate of power efficiency decreasing is up to four times when doubling SNDR. Also, it
is observed that by using more advanced CMOS technology (90nm and below),
greater power efficiency can be achieved for lower accuracy design compared to older
process, but it gets harder for high accuracy application. These effects come from the
fact that, for low resolution design, they continue to benefit from smaller unit
capacitor and down-scaled power from digital portion (smaller CVDD2), which is
brought by CMOS process scaling. Nevertheless, when high accuracy is targeted,
technology scaling will become less helpful and even a negative factor due to the
reduced power supply for noise limited design.

4x/6dB

2x/6dB

Figure 1.1: Trend in power efficiency, accuracy and process of ADCs.
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Figure 1.2: Gate delay in CMOS scaling.
Voltage operation is limited by this trend. On the other hand, transistor gate delay
is smaller as technology scales [2] (illustrate by Fig. 1.2). This suggests a better
resolution can potentially be achieved using time-domain operation. It is more
important that compared to voltage comparator based quantization, movement
between different quantization level in time domain is only associated to a single
voltage transition, from ground to supply voltage, while the voltage transition for a
quantization step of voltage quantizer is VDD/2N, where N is the bits number of
quantizer. As illustrated by Fig 1.3, time domain signal resolution is less affected by
supply voltage scaling down for its highly digitized nature. As voltage domain signal
will be pushed to the noise limitation set by circuit noise and other non-ideal effect
earlier, if the same quantization resolution is aimed to. Thus, utilizing time-domain
operation in the context of ADCs is one promising solution for further accuracy and
power efficiency improvement as the CMOS process keeps scale toward deep sub-
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Figure 1.3: Analog signal processing: voltage domain vs. time domain.
Nevertheless, the challenges lie in the gap between voltage and time domain:
nonlinear effects will be introduced and limit the performance, like the case of
voltage-controlled-oscillator (VCO) based quantizer [3][6], which is limited by
voltage-frequency gain linearity and frequency tuning range. Also, voltage-to-time
converter, as they most likely consist of active components, could not scale as easy
and efficient as TDC and will limit the overall accuracy and speed [4][5].
This thesis addresses the abovementioned challenges: how to help voltage ADCs
benefit from time domain signal processing without power penalty; how can more
computation burden be relieved from analog domain and be allocated to time domain
without an accuracy penalty.

1.2 Contributions
The two main techniques presented in this thesis deal with the research direction: to
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attain accuracy from conventional ADC architecture while taking advantage of the
time information as an add-on benefit to achieve higher accuracy and speed without
stability or power penalty.
First, one novel continuous time (CT) delta sigma modulator (DSM) architecture
with a time-interleaved quantizer (TIQ) is proposed. Along with the doubled sample
rate, the proposed architecture uses time information to perform correlated coupling
between the two TIQ channels. As a result, higher noise shaping order, better loop
stability and lower distortion is achieved for conventional DSM ADCs.
Second, a new category of pulse-width-modulation (PWM) is proposed, timesymmetric PWM (TSPWM). This technique removes the intrinsic harmonic distortion
which fundamentally limits conventional PWM modulating input voltage for time-todigital converter (TDC) quantization. The resulting architecture proves the concept of
relying on TDC speed scaling for its digitized operation to boost the overall ADC
resolution, while allowing the voltage-to-time front-end to stay at a much lower speed
without the distortion penalty.

1.3 Thesis Organization
Following this introduction, Chapter 2 introduces some of the basics of time based
data conversion techniques. Existing architectures along with their merits and demerits
are discussed in this chapter.
In Chapter 3, a novel CT DSM ADC architecture is proposed to demonstrate the

6

concept of using time information to perform channel coupling between TIQ channels.
The design aspects of the CT DSM are discussed along with several important design
considerations using the channel coupling technique to overcome the issues from
conventional CT DSM. This chapter concludes by presenting the measured results of
the proposed CT DSM ADC built in 0.18µm CMOS technology.
In Chapter 4, the effects of nonlinearity on voltage-to-time converters (PWM) are
studied. Mathematic analysis on the spectrum of PWM is performed. Existing PWM
schemes are reviewed with an emphasis on ADC architecture that uses PWM
encoding the voltage input into time signal, followed by a noise-shaped TDC.
In Chapter 5, a novel PWM algorithm is proposed and implemented to reduce the
intrinsic harmonic distortion from conventional PWM without using calibration or
adding circuit complexity. An ADC structure is implemented utilizing this new
voltage-to-time interface followed by TDC. To demonstrate the concept of increase
ADC speed and accuracy solely by scaling highly digital TDC operation, the chapter
also concludes by presenting the measured results of the proposed time-based ADC
built in 0.18µm CMOS technology.
Finally, Chapter 6 summarizes the works presented in this thesis.
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2

BACKGROUND ON TIME BASED DATA CONVERTERS

2.1 Introduction

V2T

VIN

TDC

DOUT

(a)
VIN

Time Input
(Tin)
ENCODER

Dout_v

Time
Reference
Tq
Dout_t

(b)
Figure 2.1: (a) Time based ADCs. (b) Signal processing: voltage domain vs. time
domain.
Time based ADC is one of the emerging data conversion techniques for high-speed,
low power application. However, the origins of this technique could be tracked back to
last century, such as standalone data converter based on frequency to digital converter
[3] or dual-slope ADC. Also techniques like pulse-width modulation or phase
detection are adopted in some particular ADC topologies. More recently, there has
been much interest in using a voltage controlled oscillator (VCO) based multi-bit
quantizer to realize high order DSM ADCs. Generally illustrated by Fig. 2.1(a), time
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based ADCs consist of voltage-to-time front-end that translates voltage input into time
information: for example, dual-slope quantizer samples the input voltage and creates a
proportional discharging time window; VCO oscillates at frequency in response to the
input voltage which sample and accumulate the voltage information in its phase; and
in a more straight-forward way, PWM module encodes/modulates the voltage signal
into time pulses. Once in time domain, quantization is carried out by dual-slope logic
counting clock reference, phase sampler for VCO or TDC quantizing the PWM
output, respectively. As shown in Fig. 2.1(b), compared to voltage domain
quantizaion, associated with multiple voltage thresholds/comparators, time domain
quantization produces digital output (Dout_t) proportional to input time interval (Tin).
Thus, the minimum time interval can be measured, defined as the resolution of time
domain quantization (Tq), is limited by the available finest time reference, which is
mainly determined by the typical gate delay from the CMOS technology. Obviously,
time domain quantization is less sensitive to voltage noise and metastability. Instead,
non-ideal effects from time reference, like phase noise of oscillators and mismatch
between delay cells, become major factors for the achievable accuracy of time domain
processing.

2.2 VCO Based ADCs
The VCO based quantizers perform the signal-frequency translation via VCO, and
resolve the digital bits by phase quantization using a register and a counter. As
illustrated in Fig. 2.2, the quantization of a VCO-based ADC is performed by the

9

Sampling period

fmax

Number
of
rising edges
8

1LSB (2π)

fmin

2
1LSB (2π)

Figure 2.2: Concept of VCO based ADC resolution.
estimation of phase difference accumulated within one conversion period. For a
single-phase VCO quantizer, the LSB provided by counter is 2π, so that the resolution
depends on the tuning range Vtune and voltage sensitivity KVCO as in eq. 2.1 [4]. This
also means that the dynamic range (DR) and linearity will be affected by the VCO
voltage-to-frequency characteristic. For multi-phase oscillator based quantizer [5], the
operation is more complicated: instead of using a high-speed counter, a phase sampler
based on sense-amplifier flip flop is introduced to perform phase quantization. The
price paid is that the total quantizer dynamic range is limited to 2π (resolution of
quantizer is further determined by the number of stages for multi-phase oscillation).
However, it will be covered by later discussion that this might not be an issue for some
applications, as we will come back to this topic in Chapter 5.
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Figure 2.3: Intrinsic first-order noise shaping phase quantization.
One interesting phenomena of VCO based quantizer is their intrinsic first order
noise shaping over the phase quantization noise [6]. As presented in Fig. 2.3, the VCO
phase shifting could be viewed as a continuous phase integrator without saturation. So
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for each conversion period, the fraction phase residue (mod 2π) from previous
conversion is resumed and accumulated again and again (e[n] from P[n]). Further,
when phase quantization is performed by counting the VCO periods, the quantizaion
noise introduced is also resumed for the next conversion in the same fashion, resulting
in a first order noise shaping property. It should be noted that the conversion is
assumed to be successive without interval, otherwise some technique such as gated
ring oscillator (GRO) [7], is required to store the phase information of oscillator.

Vin(t)

Counter

1-Z

-1

Fout[n]

Ref
VCO Input
Range

VCO Quantizer
Output Range
Vtune spans entire
input range

Distorted frequency output

Figure 2.4: First order VCO based quantizer.
Based on the mechanism above, a first order VCO based DSM is realized in [6][8]
(Fig. 2.4). The VCO works as a continuous signal integrator, and the referenceclocked counter acts as the differentiator, estimating the frequency of VCO through
phase quantization. Noticing that the VCO is connected to the signal in an open loop
fashion, the frequency of VCO output has to span the entire range as the signal
exercising the full DR. As a result the performance is limited by the nonlinear KVCO
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transfer function to less than 8 ENOB.

2.2.1 High Order VCO Based DSM
To suppress the distortion from VCO, higher order loop is used to introduce
negative feedback and filtering [9]. In [10][11], a second order continuous time (CT)
loop filter topology is employed to achieve overall third order noise shaping, realizing
a 12 ENOB 10MHz CT DSM (Fig. 2.5). It is also pointed out that, by using a ring
oscillator based VCO, and connecting each bit-slice delay-cell to one phase quantizing
register, one sampling clocked differentiator and current DAC element, which further
composing the feedback DAC, an implicit first order dynamic element matching
(DEM) of the feedback DAC could be obtained to linearize DAC without explicit
DEM phase.

Vin(t)

Gain and
Filtering

Counter

N-Stage
Ring Oscillator

-1

Fout[n]

Ref
Bit-Wise
Register

Gain and
Filtering

1-Z

1-Z

-1

Fout[n]

DAC

Error

Ref

DAC

DAC Element

Barrel-Shift DEM

Fout[n]

VCO Quantizer
Output Range

Distorted frequency output
Sample

Figure 2.5: High order DSM ADC with VCO quantizer.
Above-mentioned VCO based DSM uses loop filter to suppress nonlinear VCO
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tuning characteristic, however for higher accuracy, it would be desirable to remove the
signal swing on VCO input. Although by using cascaded integrator feed-forward
(CIFF) loop filter topology, signal swing is removed from integrator node, VCO as the
quantizer of DSM would still carry the full signal. Thus, voltage-to-phase translation
and quantization is further introduced for VCO quantizer to achieve the goal of
removing signal swing on VCO input.
Vin(t)
Phase Detector
Φout[n]
Counter

PD

Ref

DAC
VCO Input
Range

Φout[n]
Vtune a fraction of
input range

VCO Quantizer
Output Range

Undistorted Phase Output

Figure 2.6: VCO quantizer uses phase as the estimation for signal.
The VCO based DSM leveraging the voltage-phase translation is demonstrated and
implemented in [12] (Fig. 2.6). The mechanism is based on the concept of VCO
working as an ideal phase integrator, thus very small input perturbation to the VCO
could shift the VCO phase by any great amount. As a result, the span over KVCO
transfer function could be ultra-small and utmost free from the nonlinear KVCO
characteristic. The prices paid are that the design is further complicated, since an extra
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feedback path as well as summation device is needed in front of the VCO to close a
first-order loop. Otherwise the phase of VCO will become unbounded. Together with
other issues already existing in the CT DSM, such as excess loop delay compensation,
a CT DSM based on voltage-phase translation VCO requires great care in the loop
filter design, and the number reported is close to 13 ENOB (78dB SNDR) with
20MHz signal bandwidth, consuming 87mW, using 0.13µm process.

Vin

S/H

Counter

S/H

Counter

S/H

Counter

Output

Figure 2.7: time-interleaved VCO based ADC.

2.2.2 Multi-Channel VCO Bandpass ADCs
Compared to high order VCO based DSM with sophisticated loop design, one
simple architecture based on time-interleaved VCO based bandpass ADC is reported
in [4][13] (Fig. 2.7). In the topology, each channel is just a first order VCO based
DSM identical to Fig 8. By muxing input and output through different channels,
multiple notches are introduced by time-interleaving as the number of channels is
scaled up, leading to more channels available for sampling band-passed signal.
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Compared to conventional time-interleaved DSM ADCs, in which the noise power
is also scaled up as channel number increases, assuming the quantization step remains
the same from the flash ADC (Fig. 2.8(a)). Time-interleaved VCO based ADCs could
benefit from the longer conversion time for each channel as the channel number
scaling up, results in smaller input-referred quantization step (eq. 2.2), and maintain
the quantization noise constant (Fig. 2.8(b)).

=

fsample / N
K VCO

(2.2)

16

|Q(f)|

2nd
4th
8th
16th

π

0

(a)
|Q(f)|

2nd
4th
8th
16th

π

0

(b)

Figure 2.8: Effect of time-interleaving on NTF for: (a) conventional DSM ADCs. (b)
VCO based ADC.
However, it should be noted that in conventional time-interleaved DSM ADCs,
each channel could be relaxed by operating more slowly, while in the case of timeinterleaved VCO based ADC, to make each channel slower means scaling down the
center frequency of each oscillator as more channels are interleaved. In this process,
maintaining the same tuning range and KVCO will be very problematic, since KVCO is
highly sensitive to the center frequency. As a result, the extra interleaving benefit is
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probably not realistic.

2.3 Dual-Slope ADCs
Dual-slope ADCs use operational-amplifier (OPAMP) based active integrators to
sample/discharge an input signal, and resolve digital bits more by counting a fast and
fixed clock reference. Thus, dual-slope ADCs are free of the nonlinear behavior of the
voltage-to-time translation compared to VCO based ADC; they are known for high
linearity and guaranteed monotonicity. However, a dual-slope ADC requires 2N+1
clock cycles to achieve N bits of resolution, so the conversion rate is limited by the
available fast clock reference.

2.3.1 Enhanced Dual-Slope Architecture
In [14], a dual-slope ADC based on „two-step‟ time-digital conversion is
implemented. The „two-step‟ refers to counting a coarse oscillator in the discharging
phase for first step to resolve MSBs, and in the second step, asynchronous time
interpolation[15] is performed by a multiphase GRO triggered by the comparator zerocrossing. With the exploited time resolution, the speed of this architecture could be
pushed as high as 38MHz with 80MS/s sampling rate to resolve 6.45 bits using
0.13µm process.
Another dual-slope based ADC is reported in [16], achieving more than 11 bits
with only 75µW power consumption using 0.35µm process. The basic mechanism
behind that is, by charging and discharging two set of capacitors in turn with some
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control logic triggered asynchronously by comparator zero-crossing, time residue from
one dual-slope conversion could be amplified at expenses of slowing down the
conversion rate. Different from the time amplifier [17], which is highly nonlinear, in
that work, the residue time is amplified (x2) by performing the same residue voltage
charging twice.

Vout

S1

S2

S1

Ramp
Eqv
Ref.
Clock
Traditional
Discharge Stop

Eqt

Modified
Discharge Stop

t

t

Figure 2.9: Noise shaped integrating quantizer based on modified dual-slope ADC.

2.3.2 Noise Shaped Integrating Quantizer
In these ADCs [18], the input signal is sampled in the sampling phase (either via a
switched-cap or a resistor onto the integrating capacitor of the OPAMP). In the
discharging phase, the integrating capacitor is discharged with a fixed rate until zerocrossing which is detected by a zero-crossing-detector (ZCD). Meanwhile, this
discharging time period is measured by a fixed clock reference. However, unlike
traditional single/dual slope ADCs where the discharging phase will be terminated at
the zero-crossing instance, in the modified integrating structure, it will be terminated
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at the next rising edge after zero-crossing occurs, as shown in Fig. 2.9. As a result, the
quantization error (Eqv) is stored on the integrating capacitor at the end of discharging
phase (S2). This voltage will then be subtracted from the input signal in the next
sampling phase (S1), resulting in a first order high-pass quantization noise shaping.

Y  X  (1  z 1 )Eqv

(2.3)

Although this structure will have improved performance compared to the
traditional dual-slope ADCs, the sampling speed is still limited by the number of
quantization levels, i.e., the fast reference clock available for counting.

Input signal
Triangular
reference

PPM
time interval
tppm[k]

tppm[k+1]

Figure 2.10: PPM based asynchronous ADC.

2.4 Time Encoding ADCs
A more straight-forward way of time based ADC architecture is using a voltage-totime front-end to first modulate voltage input time interval and followed by a cascaded
TDC quantizer. An ADC based on pulse position modulation (PPM) is presented in
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[19] (Fig. 2.10). A fixed and periodic triangular wave is connected as the reference
voltage to a comparator, while the input signal is fed to the comparator continuously.
Thus, an estimation of the signal is reached as the time duration between the trigger of
the synchronized clock and the transition of the comparator (tppm[k], tppm[k+1], etc.),
and the time interval is further quantized by a delay line based TDC to generate the
final ADC output. Due to the PPM operation, the signal quantization is asynchronous,
so some irregular-sampling recovery is required from digital post-processing. This
also limits the speed of this architecture.

S/H
Vin
VCDL

Time interval

TDC

Dout

Figure 2.11: Time-based ADC with a VCDL front-end.
Another ADC topology based on voltage-controlled delay line (VCDL) voltage-totime frond-end is reported in [20]: as shown in Fig. 2.11, the voltage signal is
translated to delayed time triggers, and the interval between triggers is digitized by
TDC. For time based ADC architecture of this category, the voltage-to-time front-end
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will become the bottleneck of accuracy and speed. To maintain large dynamic range
for voltage input while performing voltage-to-time translation with good linearity will
be challenging, let alone scaling the modulation speed of voltage front-end (to
accommodate the TDC sample rate) is not as efficient in deep submicron as the digital
does.

2.5 Summary
For time based ADCs, methodology on how to translate voltage into time
information or involve time domain processing with conventional voltage domain
operation is one of the research hot spots. Although the TDC itself is highly efficient
and scales well, introducing TDC techniques into ADCs processing a voltage signal is
not an easy task. The tradeoff between speed, accuracy and power efficiency have to
be made wisely. In the next chapter, we propose a CT DSM ADC that uses a TIQ.
Here, the time information of quantizers themselves will be utilized to perform
channel coupling for several merits, and the measured chip results will be shown.
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3

A CT ΔΣ ADC USING TIME INTERLEAVED CHANNEL
COUPLED QUANTIZER

CT DSM ADCs are suitable for medium bandwidth, high accuracy applications
with good power efficiency, because continuous ramping instead of discrete settling
behavior is involved in CT loop-filters. However, the sample frequency for a CT DSM
is limited both by the quantizer speed and latency from quantizer samples to DAC
operation. The resolution is dependent on the noise shaping order achieved by the CT
modulator.
In the first proposal of this chapter, a novel time-interleaved quantizer (TIQ)
topology is introduced. Combined with a new technique that uses time information to
perform channel coupling, other than just doubling the sample rate by timeinterleaving, the topology features several merits: the proposed TIQ will bring in
higher order noise transfer function (NTF), greater robustness to excess loop delay
(ELD) and lower distortion level for the overall CT DSM ADC. The following will
provide discussion with details, as well as proof-of-concept chip measurement results.

3.1 Proposed Time Interleaved Noise-Shaping Integrating Quantizers
As discussed in Chapter 2.3, single/dual slope ADC is one group of classic ADC
architecture known for its high linearity and guaranteed monotonicity while the speed
is limited by available counting clock reference. It has been proven that a simple
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modification on the discharging scheme of a single-slope ADC would introduce firstorder quantization noise-shaping for higher resolution without speed/power
compromise. To achieve higher signal bandwidth without increasing the sampling
speed, several noise shaping integrating quantizers could be time-interleaved as
discussed in Chapter 2.2.2. However, the traditional N-channel time-interleaving
technique will modify the overall noise transfer function (assuming each has a firstorder NTF) from a 1st order NTF to that expressed by eq. 3.1, where N is the number

Y  X  (1  z  N ) Eqv

(3.1)

of time-interleaved channels. As a result, N zeros will be spread across the whole band
[4]. For a simple low-pass modulator, this means N-1 zeros are outside the desired
signal band, hence the effective quantization noise order is still one. To move these
out-of-band zeros into the desired band, time-based inter-channel quantization noise
coupling is proposed in this work.
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Figure 3.1: Dual-slope ADC generates quantization error in time domain.
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Figure 3.2: Two channel noise shaping TIQ: (a) circuit topology. (b) timing diagram.
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One interesting property of the modified integrating quantizer is that the
quantization error is not only ready and accessible in voltage domain (Eqv) at the end
of S2, but it is also available in the time domain (Eqt), shown in the Fig.3.1. This pulse
is the time interval between the comparator zero-crossing and the end of the
discharging pulse. Hence, if multiple channels are parallelized, their sampling and
discharging phases are time interleaved and the quantization error could be fed from
one to another as a time domain pulse Eqt, triggered asynchronously by comparator
zero-crossing and the next edge of the reference clock.
Fig. 3.2(a) shows a two-channel example of this time-interleaved noise shaping
quantizer. During the input sampling of the first channel, the second channel is being
discharged. By the end of the discharging of the second channel, the pulse eqt[n-1] will
be available and used to asynchronously discharge the integrator of the first channel
via a resistor. This results in the subtraction of the quantization error of channel 2 from
channel 1, and vice versa, as shown in Fig. 3.2(b). The value of the coupling resistors
can be modified to obtain the desired coefficient, i.e., inter-channel coupling gain.
Although similar in nature, it is of critical importance to distinguish between the
proposed technique and the noise-coupled time-interleaved modulators [21] where
noise-coupling is employed to result in an extra zero in the band without modifying
the rest of the loop zero placements. The traditional path coupling technique also
requires extra DACs to extract the quantization error to realize the required coupling
coefficients in order to achieve higher order of noise shaping, thus having a significant
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thermal noise contribution. For a simple illustration, assuming the inter-channel
coupling gain is unity, the DAC coupling capacitance should be equal to the
sampling/integrating capacitance, doubling the thermal noise power and adding to the
circuit complexity. On the other hand, with time domain coupling, the coupling
resistor should be equal to the sampling resistor. However, this resistor is only
connected for a short period of time, i.e., Eqt, which in the worst case would be equal
to the total discharging time divided by number of the quantization levels (LSB in
time-domain), making it negligible compared to the input signal sampling thermal
noise. As will be discussed shortly, for higher order of noise shaping, the coupling
coefficients will become larger and hence the advantage of time-based coupling will
become more apparent.
The two-channel time-interleaved noise shaping quantizer discussed above can be
generalized to an N-channel modulator shown in Fig. 3.3. For the N-channel structure,
the maximum order of modulator that could be realized by this technique is N. The
inter-channel coupling gain ai,j for quantization error, which indicates the quantization
noise coupling from channel i to channel j, is related to the overall NTF as follows
(i,j=1,2…N):

 c( j i )
ai , j  
c( N i  j )

, for i < j
, for i  j

;

(3.2)

N

NTF ( z )  1   ck  z  k .
k 1

(3.3)
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These coefficients are always rotationally symmetric. For example, to realize 3rd-order
low-pass modulator with all zeros at DC, a 3-channel architecture would be required
with inter-channel coupling gain:

A3rd _ LP

 a1,1 a1,2

  a2,1 a2,2
 a3,1 a3,2


a1,3   1 3 3 

a2,3    3 1 3 .
a3,3   3 3 1

(3.4)

As another example, for a 2nd-order band-pass modulator with notches at fs/4, a 4channel architecture would be appropriate with inter-channel coupling gain:

A2 nd _ BP

 a1,1 a1,2
a
a2,2
2,1

 a3,1 a3,2

 a4,1 a4,2

a1,3
a2,3
a3,3
a4,3

a1,4  1
a2,4  0

a3,4   2
 
a4,4  0

0 2 0
1 0 2
0 1 0

2 0 1

(3.5)
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Figure 3.3: General N-channel noise shaping TIQ.
All the noise coupled paths can be implemented in time-based quantization noise
coupling as discussed above, eliminating the need for large sampling/loading
capacitors, and dedicated DACs compared to traditional noise coupling technique.
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Figure 3.4: Spectrum comparison between traditional single channel noise shaping
quantizer and a 3-channel TIQ using proposed noise coupling technique.
The proposed structure is employed to realize a 3rd-order 3-channel timeinterleaved low pass noise shaping quantizer and its performance is compared to that
of a 1st-order single channel, operating at 3 times the sampling rate of the proposed
structure. Both structures are simulated using Matlab. The oversampling ratio is 16,
and the number of quantization levels is assumed to be 9 for both structures. The
output spectra of these two are simulated and shown in Fig. 3.4, which clearly shows
that a 3rd-order noise shaping is achieved by the proposed structure. This higher order
of noise shaping results in an extra 30dB signal-to-quantization noise ratio
improvement. It should be also noted that although the proposed structure has almost
three times the hardware of the single channel modulator, it is operating two times
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slower than the single channel.

3.2 Proposed Time Domain Channel Coupling Technique for ELD
Compensation
By time-interleaving multiple quantizers, the speed requirement on the quantizer
could be alleviated. Furthermore, the time domain noise coupling technique in section
3.1 helps to make good use of the increased latency resulting from interleaving to
synthesize higher order NTF within TIQ. On the other side of the coin, the increased
latency from TIQ would contribute to ELD for the CT DSM feedback loop, along with
the delay contributed by other components, like DEM. In this section, one new
solution for the ELD problem is proposed, within which time information between
interleaved quantizers is utilized to compensate ELD via channel coupling. The
following section will start by describing the background of ELD, briefly reviewing
the prior art. Then the proposed ELD compensation technique will be introduced; a
CT DSM ADC architecture robust to ELD of two clock cycles will be further
described.

3.2.1 Background on ELD Issue of DSM
Excess loop delay within a DSM loop is defined as the latency between quantizer
sampling the loop filter and the DAC operating on loop filter. Since in a CT ΔΣ ADC,
the loop filter integrates the feedback signal from DAC for some period, any delay in
the feedback path will result in the deviation of CT DSM dynamics from its impulse-
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invariant equivalent discrete time (DT) counterpart. This integration time required by
the DAC operation on CT loop filter is the reason for CT ΔΣ more vulnerable to ELD
than DT DSM.
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u(t)
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CLKADC
Dout

CT
LF

DAC

z-
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Figure 3.5: A CT DSM ADC with ELD.
As shown in Fig. 3.5, assume a fixed ELD τELD exists between quantizer and DAC
(τELD normalized to sample period in illustration), which may be contributed by
quantizer latency, DEM logic, DAC switching or even finite OPAMP gain-bandwidth.
In order to restore loop filter impulse response from effect of ELD, a return-to-zero
(RZ) current DAC (CDAC), instead of non return-to-zero (NRZ) CDAC, can be used.
The current value of RZ CDAC is scaled up proportional to τELD value, in the case that
τELD is less than one clock. However, for τELD larger than one clock, merely adjusting
CDAC and loop filter coefficients will no longer help since the DSM loop always
responds to an input with a zero valued second sample. An additional feedback path
has to be added for ELD compensation. Various compensation strategies have been
reported previously [22]-[25]: a feedback path before the quantizer is added to form a
fast compensation path, known as the classic ELD compensation method (Fig. 3.6).
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An ELD compensation technique using a digital differentiator was introduced to move
the fast compensation path from before the quantizer to the input of last integrator,
which helps to avoid power penalty from adding summing amplifier (Fig. 3.7).
However in return, delay from digital differentiator would add to ELD, limiting the
effectiveness of this compensation method.
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Figure 3.6: Classic ELD compensation with additional feedback before quantizer.
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Figure 3.7: ELD compensation using a digital differentiator to save summing
amplifier.
It can be generalized that there remain two major issues to solve for optimal ELD
compensation: how to realize the fast path; and how to perform summation of this fast
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path into the loop filter without further slowing down the loop filter operation. To
tackle these problems, a fast analog feedback loop around the quantizer is used to
avoid the latency from quantizer and DAC [25]. As shown in Fig. 3.8, by sampling
and holding the signal before quantizer, instead of quantizing and feeding back the
quantization result, the quantizer delay is bypassed at the expense of SQNR
degradation. Also, most reported ELD compensation techniques use fast but less
accurate summation methods for fast ELD compensation path, or add extra summing
amplifier stages for better accuracy but higher power consumption [22]. Extra timing
budgeted for DEM operation is not affordable and a more complicated DAC
calibration technique has to be adopted [25].
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Figure 3.8: ELD compensation bypassing quantizer delay by using a sample/hold.
In the following sections, we approach the ELD problem by proposing a time
domain channel coupling technique: time information from the quantizer is used to
realize the fast path without being affected by the delay associated with conventional
voltage operation. Meanwhile, high accuracy current summation is achieved by TIQ

34

without power penalty. More timing budget for DEM operation is rewarded by this
innovative method.
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Figure 3.9: (a) CT DSM with d cycles ELD. (b) Theoretical solution for 2 cycle ELD
compensation using fast/slow path.

3.2.2 Compensating ELD of 2 cycles
Fundamentally, ELD will increase the DSM loop order, degrading the achievable
SQNR and even causing the DSM to lose stability [24]. The ELD problem is modeled
in Fig. 3.9(a). The additional d cycles of delay in the DSM feedback loop would alter
the noise transfer function (NTF) into:
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NTF(z) 

1
1 z

d

 L(z)

,

(3.6)

where L(z) is the impulse-invariant equivalent of an nth-order CT loop filter L(s).
Assume L(z) is initially configured to achieve an ideal nth-order NTF without ELD.
With the effect of ELD, the denominator of eq. 3.6 is increased to n+d order, while
there are only n independent coefficients within L(z). It is no longer possible to match
the ideal nth-order NTF by changing coefficients within L(z) [23]. The system is not
fully under control unless additional coefficients are added. In theory, by adding a
compensation path before the quantizer, the ELD problem can be solved [24]. For
example, in Fig. 3.9(b), two cycles of ELD (quantizer delay plus DAC delay) are
compensated by adding separate fast/slow paths with coefficient k0 and k1. By
properly choosing k0 and k1, the ideal NTF can be restored.
The practical difficulty for the above theoretical ELD compensation methodology
lies in the realization of fast path, because bypassing the delay of quantizer suggests a
DAC operation driven by the digital output before it is even available. This set the
fundamental limitation on conventional ELD compensation strategy, which deals with
one and half clock cycles of ELD at most, sacrifices the time available for DEM and
suffers from SQNR degradation penalty [25].

3.2.3 Fast ELD Compensation Path Realized by Channel Coupling
For a conventional flash quantizer, having DACs operated by the quantizer output
before it is ready is not possible. However, time information from a dual-slope ADC
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could be utilized to realize this fast path. We start with a classic dual-slope ADC. The
input signal is sampled onto the integrating capacitor in the sampling phase, and in the
discharging phase, the integrating capacitor is discharged with a fixed rate until the
zero-crossing is detected by a ZCD. Meanwhile, the discharging time period is
measured by counting a fixed clock reference. One interesting property of the dualslope ADCs is that the quantized signal is accessible in the form of the discharging
time window even before the dual-slope counter output is ready. In this work, we
propose a TIQ based on two dual-slope quantizers employed to operate in timeinterleaved fashion and performing channel coupling using the abovementioned time
information.
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Figure 3.10: Proposed channel coupling for fast compensation path.
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Shown in Fig. 3.10, while one channel of the TIQ is in discharging phase, the time
information representing the value of the quantized signal is sent to the other channel
as it samples. The channel coupling using dual-slope time information can be simply
carried out by a current source turned on/off by dual-slope logic; no extra timing
phases or explicit DAC operation is required. Since this channel coupling operation
directly affects the next sample of the TIQ, one fast ELD compensation path can be
realized.
Compared to conventional techniques, the proposed one is the first to realize a
compensation path which truly bypasses quantizer delay. Also, the dual-slope ADC
based TIQ uses active integrators, which is already equipped in regular dual-slope
quantizer, to perform summation of the fast compensation signal. This is advantageous
for its superior accuracy without adding extra active components over the
conventional ELD techniques, which uses a passive adder and other accuracy-limited
methods (e.g., controlling flash ADC references). Based on this technique, a CT DSM
ADC robust to ELD of 2 clock cycles is further carried out and described in next
section.

3.2.4 CT DSM Loop Topology using Proposed Techniques
(tentative)
Thus far, we have presented two novel techniques using time information from a
dual-slope based time interleaved quantizer: noise coupling for higher order NTF from
the quantizer, and channel coupling for fast ELD compensation. In this section, we
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tentatively summarize and further propose a CT DSM ADC using a 2nd-order CT loop
filter and two channel TIQ to achieve overall 4th-order NTF and compensate for two
cycles ELD.
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Figure 3.11: Overall CT DSM loop topology with a 2nd-order noise shaped TIQ and
uses channel coupling to compensate ELD.
First of all, as discussed in section 3.1, a two channel TIQ is employed to perform
noise coupling achieving 2nd order noise-shaping from TIQ itself (Fig. 3.2). Secondly,
the time information between interleaved quantizers is utilized to realize the fast path
for ELD compensation. The resulting CT DSM topology is shown in Fig. 3.11: a twostage CT loop filter with feed-forward forms a cascade of integrator feed-forward
(CIFF) ΔΣ modulator. The dual-slope based TIQ window samples the loop filter
output. The noise coupling path between TIQ channels is not shown in Fig. 3.11 for
simplicity; instead it is illustrated by the 2nd-order noise shaped quantization error
injected into the quantizers. It should also be noted that in Fig. 3.12, although a
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separate summer is drawn before TIQ for convenience, the actual summation for feedforward and slow compensation path is performed by the integrators from TIQ, along
with the summation of the fast ELD path and normal dual-slope operation. As a result,
the summing amplifier for conventional feed-forward and ELD compensation is saved.
Each channel of TIQ operates at half of the ADC sample rate to relax the speed
requirement.

80dB/decade

Figure 3.12: Behavior-level simulated CT ΔΣ ADC spectrum.
A behavior-level simulation of the proposed CT DSM ADC is shown in Fig. 3.12.
The overall NTF obtained from the combination of the loop filter and the noise
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coupling TIQ is 4th-order, showing 81 dB SNDR with over-sampling ratio of 16. It is
observed that the simulated NTF is fully restored to ideal despite the two sample
cycles of ELD. It is properly compensated by the newly proposed channel coupling
compensation technique.
However, there exists one critical drawback for above discussed ELD
compensation technique, since for an integrator processing a time domain (PWM)
signal, much higher requirements are imposed on the OPAMP as the gain error plays a
quite different role under this context. Interestingly, this particular gain error effect has
not been revealed by literature till the discussion in the next section.
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Figure 3.13: An active RC integrator with switched on/off signal modeling DAC
operation.

3.2.5 Gain Error Effect of Integrator Processing PWM Signal
Finite gain-bandwidth (GBW) induces error in conventional CT DSM [26]. In this
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section, analysis of GBW induced error for a CT loop filter processing PWM signal
will be conducted for the first time ever, and is compared to that of a traditional CT
loop filter operated by unit-cell based DAC. Distinctive differences between these two
will be revealed and it will be shown that even with a linear OPAMP, distortion will
be introduced by the gain error of OPAMP when the integrator processes a time
domain signal.
An active RC integrator is drawn in Fig. 3.13. A single-pole amplifier with a
transfer function as in eq. 3.7 is assumed to compose the integrator without loss of
generality: the OPAMP has a dc gain of ADC and 3dB frequency of ωo. This leads to
the transfer function of the RC integrator as expressed by eq. 3.8. With reasonable
values of OPAMP gain, bandwidth and R/C, the two-pole system expressed by eq. 3.8,
will have a pole pair p1/p2. Pole p1 determines the leaking behavior of the integrator.
Another pole p2 at much higher frequency further determines the settling behavior of
the integrator. The pole pair p1 and p2 is expressed by eq. 3.9, in which ωp is further
provided in eq. 3.10.

Vo
A 
GBW
= - DC O = Vr
S+ O
S+ O

(3.7)

Vo
GBW/ RC
GBW
1
=- 2
=Vi
S + S P + O / RC
RC (S+ p1 )(S+ p 2 )

(3.8)


1
p1 , p 2 = P (1  k), k = 1- 4( O ) / P2
2
RC

(3.9)
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P = 1/ RC+ O + GBW

(3.10)

To quantify the behavior of the RC integrator responding to CDAC input, an input
voltage signal is applied to the RC integrator (refer to Fig. 3.13), which is switched
from 0 to Vs for an interval of Δt and switched off. For transient analysis (voltage vs.
time), the input is expressed in eq. 3.11, and the voltage response on the integrator
output can be obtained as eq. 3.12. The α, β contained by eq. 3.12 is further expressed
by eq. 3.13. Ts representing the ADC sample period is assumed to be no smaller than
Δt; Vo(t0) is integrator initial state and α, β can be understood as the integrator leakage
and gain error terms [27].

Vi (t) = VS u(t- t O ) - u(t- t O -  t)

(3.11)
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Observe that α, β are functions of OPAMP dynamics (GBW and p1/p2), the sample
period Ts and DAC operation interval Δt; however they are not functions of DAC
magnitude Vs. Therefore for a conventional unit-cell based DAC (which can be RZ or
NRZ operated by quantizer result) the signal is carried by DAC output analog
amplitude (Vs), while Δt is a fixed time window (equal or smaller than ADC sample
period for NRZ or RZ respectively). In this occasion, the integrator will be lossy due
to finite gain and bandwidth, but only exhibits linear gain error since neither α or β
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contain any variables; rather, α and β are fixed values.
On the other hand, when the integrator is processing a PWM signal, charge is
injected by the DAC turning on/off for a varying time window, and the window size
Δt now depends on the analog signal. In this case, by re-examining eq. 3.12 and eq.
3.13, it will be found α is still a fixed value. Nevertheless, β now contains Δt, and is
rendered to be signal dependent. This gain error β as a function of the signal Δt leads
to harmonic distortion behavior on the integrator output when processing PWM
signals. The distortion level is determined by OPAMP design parameters: ADC, R/C
and ωo. The following paragraphs will give analysis and simulation on each of them.
Instead of involving more math expressions, we will go through the effect of
OPAMP metrics on β by plotting the functions. First of all, linearity of gain error β is
defined as in eq. 3.14, which estimates the variation on gain error β for input signal Δt
ranging from 0 to TS.



20log10 mean   ( t) / max   ( t) - mean[  ( t)] 
for t  0, Ts 



(3.14)

Because the linearity described by eq. 3.14 also employs eq. 3.9, eq. 3.10 and eq.
3.13, we plot the gain accuracy (β linearity) versus different values of ADC, R/C and
ωo in Fig. 3.14. β linearity is plotted in dB while sweeping one parameter, and keeping
other two parameters constant. For simulations plotted in Fig 3.14, the parameters are
set to be as follows if it is not on the x-axis: RC time constant equals 0.5TS, ADC
equals 70 and 3dB frequency (ωo) equals 7/TS.
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Observe that while β linearity increases 20dB per decade for both ADC and RC, it is
a very weak function of OPAMP bandwidth ωo. This means that while this particular
nonlinear gain effect will be suppressed by larger RC integrator time constant and
higher OPAMP gain, it will not be affected much by OPAMP bandwidth.
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Figure 3.14: Plot of β linearity vs. design parameters: ADC, RC and ωo.
A more intuitive way for understanding this effect is also provided: referring to Fig.
3.15, gain error effect within a CT integrator is actually produced by leakage caused
by movement of the virtual ground (VG). This VG movement depends on OPAMP
gain and the amount of leaked charge, and is further determined by RC time constant.
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Illustrated by Fig. 3.15, the charge leakage of a lossy RC integrator is indicated by the
area covered by VG magnitude over time. For conventional RZ/NRZ DAC, since the
operation time window is fixed, this area is still linearly proportional to DAC value.
Whereas for integrators operated by PWM DACs, since the signal is carried by the
time window size, the area (charge leakage) will be proportional to the DAC value on
second-order. Thus, a nonlinear gain error occurs for integrator behavior when the
integrator processes PWM signal.

Vo’’/ADC

Vo’/ADC
VG:
Δt

Δt
(a)

Vo’’/ADC

Vo’/ADC

VG:

Δt’’

Δt’
(b)

Figure 3.15: Gain error indicated by VG over time area: (a) CT integrator operated by
unit-cell DAC. (b) CT integrator operated by PWM DAC.
The above analysis can be easily applied to a CDAC injecting current to the VG of
RC integrator, by assuming a large RC time constant determined by the CDAC current
source output impedance. This derivation and discussion leads to a conclusion that
rather than leakage and linear gain error for a conventional CT integrator operation,
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signal dependent gain error would appear for an integrator employed in time domain
operation mode (i.e., CT integrator with PWM DAC). Behavior-level simulation is
shown in Fig. 3.16 for the previously discussed CT DSM, with and without the effect
of nonlinear integrator gain error introduced by the channel coupled TIQ structure.

Figure 3.16: Behavior simulation of gain error effect on channel coupled TIQ within
CT DSM.
For OPAMP design concerns, increasing RC and ADC implies scaling up OPAMP
loop gain, which ultimately leads to higher power consumption. It is suggested that for
integrators processing PWM signal, they are intrinsically less power efficient than
integrators involved with conventional CT DSM operation. Although current source
based DACs could be used for their high output impedance, for TIQ operation one
integrator channel is in sampling phase (samples signal through resistors) while the
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other sends the PWM coupling signal. So the equivalent RC time constant is
determined by sampling RC branches and will be a relatively small value especially
for the case of CIFF topology. Thus, the TIQ utilizing channel coupling will be
penalized in power efficiency by a more demanding gain requirement on the integrator
OPAMP, unless other techniques come to the rescue.

3.3 Proposed TIQ based Delta Modulation Topology
Considering that the gain error issue discussed in section 3.2.5 mainly afflicts the
structure with harmonic distortion, we address this issue by removing signal swing
from TIQ integrator OPAMP output, using another new technique based on classic
delta modulation topology.
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Figure 3.17: (a) First-order delta modulator. (b) First-order delta-sigma modulator.

3.3.1 Background on Delta Modulation
Delta modulation (DM) has a history even longer than DSM ADC [28]. DM feeds
back the modulator output from the output of the digital integrator, to perform
subtraction of the input signal; the resulting difference from the subtractor is quantized
and sent into digital integrator. As a result, the loop output will track the input signal
due to the fact that any error after quantization will be digitized and amplified in
digital domain by the accumulator/integrator and will be corrected by the negative
feedback. It is more important to notice that only the delta part of the signal is sent to
the quantizer. Traditionally, for a communication systems employing DM, only
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plus/minus output (single bit) from quantizer need to be sent through the channel and
can be recovered to the sent signal on the receiving end.
Compared to a 1st-order DSM (Fig. 3.17), the quantizer within a DM is moved from
the output of integrator to its input. On one hand, this makes the swing on the
quantizer for DM (Y) significantly suppressed and no longer related to input signal
dynamic range or modulator output. The spectrum of digital output and quantizer
output is shown in Fig. 3.18 with a sinusoidal input: the power of the signal portion is
reduced more than 30dB depending on the oversampling ratio for DM. On the other
hand, quantization error for DM experiences the same transfer function as the signal:
there is no noise shaping exercised on quantizer/quantization error. DM also operates
slower than a standalone quantizer since integrator delay and DAC latency will add up
to the delay of feedback loop, which sets the speed limitation on DM operation speed.
Besides, the feedback DAC within DM is as critical as that of DSM; any error from
DAC will appear on the output without filtering.
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Figure 3.18: Spectrum comparison between modulator output and quantizer output
from a 1st-order DM.
In the following discussion, we will demonstrate another new technique to
incorporate the DM topology into the CT DSM ADC structure we have proposed in
previous sections. By using time domain channel coupling, it is possible to achieve
DM within the TIQ without slowing down the TIQ operation, and the feedback DAC
could be merged into the coupling DAC and auxiliary DACs already equipped by the
ELD compensated CT DSM ADC topology. We also take advantage of the fact that
DM does not filter the quantization error, so that introducing DM into TIQ does not
conflict with the time domain noise coupling technique.
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3.3.2 Time-interleaved Delta Modulator
The bottleneck for DM is the delay contributed by the digital accumulator and
feedback operation. Time-interleaving multiple DM-based channels will not improve
speed since the latency of the interleaved quantizer is added to feedback and
counteracts the speed enhancement from interleaving. In this work, we propose a TIQ
based DM topology, using a fast time-domain coupling path to realize the feedback
DAC required by DM operation.
DAC
DAC

V
Z-1

U

V (fast
coupling)

Z-1

Dout

1-Z-1

Z-1

V
DAC
DAC

D(n+2)=D(n)+V(n)+V(n+1)
Figure 3.19: Proposed TIQ based DM topology using fast coupling path to perform
feedback.
Referring to Fig. 3.17(a), for quantizer output V, the overall DM output Dout after
the delayed integrator (digital accumulator) is expressed in eq. 3.15. It shows that a
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current sample of accumulator output can be represented by the two-cycle-earlier
accumulator output and quantizer output together with the quantizer output one-cycleearlier. This leads to the methodology of feeding back the accumulator output by
splitting it into a fast and slow feedback path. Thus not only the digital integrator
delay can be bypassed, but the quantizer DAC operation latency is bypassed.

Dout n+1 = Dout n   V n   Dout n-1  V n-1  V n 

(3.15)

As shown in Fig. 3.19, a DM based on TIQ topology is proposed using two timeinterleaved dual-slope ADC channels. For the feedback loop required by DM
operation, the DAC is split into fast/slow path as discussed above. Furthermore, by
utilizing the similar concept of channel coupled TIQ for fast ELD compensation, a fast
feedback DAC (V[n] in eq. 3.15) is established in the time domain while slow
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Figure 3.20: Voltage swing on TIQ integrator output: (a) With proposed DM
technique. (b) Without channel coupled DM technique.
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Applied as a noise shaping integrating quantizer within a CT DSM loop, the
effectiveness of the newly proposed TIQ is simulated. The voltage swing on one TIQ
channel integrator output is plotted as in Fig. 3.20 with and without employing the
proposed DM technique. Not only is the absolute swing is reduced, but the swing on
the integrator is scrambled, randomized and submerged by the noise shaped error,
which is beneficial for reducing harmonic distortion introduced by the TIQ OPAMPs.
The distribution of the TIQ integrator output is also provided as the histogram graph in
Fig. 3.21 for with and without TIQ based DM.

(a)

(b)

Figure 3.21: Distribution histogram of voltage swing on TIQ integrator output:
(a) With proposed DM technique. (b) Without channel coupled DM technique.

3.3.3 Hardware Overhead
TIQ based DM is incorporated into the CT DSM we proposed earlier in this
chapter: the coupling DAC and auxiliary DACs are already required to perform
channel coupling for ELD compensation. Only the coefficients have to change
resulting in different values of these current DACs, thus virtually no hardware
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overhead or power consumption is imposed by the DM technique employed in this
work. The only added block is the digital accumulator. Fortunately digital code
accumulation can be performed within the same clock phase as the DEM operation,
and remembering that the timing budget for DEM is already much alleviated, we are
able to digitally synthesize the digital integrator together with the DEM module.
While the major motivation of performing TIQ based DM is to avoid distortion,
this architecture is also helpful in the removal of signal swing from the dual-slope
discharging ramp. Since only the delta portion of signal plus shaped quantization error
is sent to TIQ, a uni-directional discharge dual-slope topology can be adopted without
sacrificing the signal dynamic range. Otherwise, a bi-directional dual-slope/singleslope discharge topology has to be implemented to maximize the signal range and
extract the time domain quantization error correctly [29], which is sensitive to
comparator offset and logic delay since polarity changing has to be made every time
the signal crosses the common mode.
The achieved CT DSM architecture is drawn in Fig. 3.22, using all three proposed
techniques: noise coupling for 2nd-order noise-shaped TIQ; ELD compensation by TIQ
channel coupling; and delta modulation based on TIQ with a fast DAC feedback by
channel coupling. It should be noted that after incorporating DM into the TIQ, the
overall DSM output Dout is now at the output of the digital accumulator/DEM block.
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Figure 3.22: Proposed CT DSM topology with a 2nd-order noise shaped TIQ and uses
channel coupling to compensate ELD and perform DM.

3.4 Circuit Implementation
Circuit level implementation of the building blocks used to compose the proposed
CT DSM ADC is covered in this section.

3.4.1 Time-Interleaved Quantizer
The TIQ consists of two RC integrators window-sampling the quantizer input back
and forth in S1 and S2 (feed-forward branches are not shown for sake of simplicity in
Fig. 3.23 and Fig. 3.24). As shown in Fig. 3.23, the quantization error is extracted and
sent to adjacent channel via PWM, and one single current source is swapped between
interleaved channels, switched on/off by this PWM signal. This operation makes good
use of the latency provided by interleaved-quantizer to achieve 2nd-order NTF without
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extra DACs or additional processing phases.
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Figure 3.23: Implementation of quantization noise coupling
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For simplicity, the TIQ implementation, except for noise coupling is illustrated in
Fig. 3.24. The channel coupling path is implemented in a similar fashion. The
quantized signal as a PWM is sent to the other TIQ channel, directly affecting the next
TIQ sample, via a current source that turns on as the dual-slope discharge starts and
synchronously turns off with the reference clock after zero-crossing. The regular
discharge current source for dual-slope operation is implemented in a similar fashion.
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Ō
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t
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Int. output
t
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(V)
ZCD toggle
(O)

Figure 3.24: Channel coupled TIQ implementation.
The switching signals PWM DACs, which determine dual-slope discharging,
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quantization error coupling and fast signal coupling are all from dual-slope logic. Due
to two-phase dual-slope operation, not only can the current sources be shared between
TIQ channels, the ZCD, counting clock reference and dual-slope logic are also shared
by TIQ channels.
A single set of ZCDs, sampled by dual-slope clock reference and dual-slope logic,
toggles between integrator‟s outputs from TIQ. We further proposed an asynchronous
ZCD toggling scheme for this design as illustrated in Fig. 3.24. The ZCD is switched
from one TIQ channel to the other by the ZCD toggle signal O/Ō, as soon as the zerocrossing is captured by the counting reference clock edges. Thus, more regenerative
time is allowed for ZCD and signal-dependent ZCD delay is mostly avoided. Most of
the hardware between the TIQ channels is shared, except for the quantizing RC
integrators. Doubled sample rate is achieved with a minimal hardware increase, while
channel integrator speed, counting clock reference and power per channel remain the
same. It is even more important that such sharing of VCDL, ZCD and DACs between
TIQ channels minimizes channel mismatches.
The implementation of the ZCD sampler modified from conventional dual-slope
logic is illustrated in Fig. 3.25. A set of 16 reference clock edges are generated on-chip
by voltage-controlled delay line (VCDL) to carry out a 4-bit dual-slope quantizer. The
clock edges from VCDL are used to sample the ZCD state. One group of regenerative
latches and dynamic DFF composes the ZCD sampler, they are enabled/sampled by
the adjacent two clock edges, and their output is ANDed in group of two to flag the
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zero-crossing event, which is always captured by the second reference clock edge
behind zero-crossing. This particular ZCD sampler architecture is beneficial in
mitigating the metastability caused when zero-crossing event is too close to clock
edges [30]. The 16-input NOR gate gathers the output from LATCH/DFF bank to
produce the PWM of quantizer output VPWM. Meanwhile the PWM of quantization
error is generated via logic product from ZCD state and VPWM. The generation of
PWM signal in this design only requires minimum modification from a traditional
dual-slope logic.
The implemented ZCD and on-chip VCDL for dual-slope fast clock reference are
covered by next section.
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Figure 3.25: Modified dual-slope logic scheme.

3.4.2 ZCD and VCDL
ZCD senses the differential voltage of RC integrator output from TIQ. Due to the
signal-independent voltage swing on these integrators and uni-directional discharge
scheme, the voltage trip point for ZCD is always the differential voltage crossing. As a
result, signal-dependent ZCD delay is minimized. Therefore, in this work, ZCD
implementation is more focused on achieving wide bandwidth for minimum absolute
delay from ZCD since this amount of delay adds up to the dual-slope quantizer offset.
The cascaded low-gain but wide-bandwidth amplifier realization for ZCD is shown in
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Fig. 3.26. The last cross-coupled push-pull stage outputs a buffered single-ended
digital ZCD state.

ZCD
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Figure 3.26: Zero crossing detector.
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Figure 3.27: Voltage-controlled delay line.
The VCDL generating fast clock edges for 4-bits dual-slope quantization is
implemented on-chip using current-starved delay cells (Fig. 3.27). 16 multi-phase
edges are synchronized to the ADC sample clock and generated by VCDL. The
control voltage Vctrl for current-starved delay cells on sent from off-chip. Meanwhile,
a delay-locked loop is also implemented as a test option for this prototype ADC,
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which can be turned on to evaluate the actual total delay generated by VCDL after
fabrication and be turned off while in normal ADC operation.

VCMFB
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Vbiasn2
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Vbiasn1

Figure 3.28: Telescopic OPAMP.

3.4.3 Loop Filter and feedback DACs
Based on the CIFF loop filter topology and TIQ based DM employed, both the
OPAMPs for two-stage loop filter and for two-channel TIQ only carry suppressed
signal swing on their output. Taking advantage of this small swing, telescopic
OPAMP structure is used for loop filter integrators and TIQ integrators, as shown in
Fig. 3.28. The gate of the top p-type current source is connected to common-mode
feedback voltage, while common-mode feedback circuit is not shown in illustration
for simplicity. Each integrator stage was scaled appropriately based on their different
requirements.
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For CT DSM, feedback CDAC will introduce dynamic error due to charge injection
and switching rise/fall mismatches, resulting in inter-symbol interference (ISI), which
may not be corrected by DEM. A design methodology similar to [31] is adopted as it
has been verified to achieve high resolution in prior CT DSM ADC work. The signal
path of one slice of the 17-level current-steering DAC is shown in Fig. 3.29: a coupled
dual flip-flop scheme is used to re-time the data input for CDAC, to minimize the
rise/fall difference of the NRZ DAC; low-swing buffer is further used to buffer the
switching signal for reduced charge injection.
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Data

DFF

DFF
CLKADC

Retimed
Data

CDAC output

-

CDAC output

+

+- +
Low-swing
buffer

Figure 3.29: NRZ DAC signal path.
The current DAC element is further depicted in Fig. 3.30. The main feedback (17level current-steering) DAC (Fig. 3.30(a)) is operated by CLKADC. Both n/p type
current source cells are implemented for fully differential DAC operation: the output
of CDAC is connected to VG of CT integrator one or the other. For the convenience of
illustration, only n-type current cell is drawn in the figures throughout this section.
The auxiliary current steering DACs for slow ELD compensation path are shared by
two TIQ channels: it is switched between integrators of TIQ in interleaved phases.
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Thus, controlled by the logic product of data and S1/S2, the current sources for
auxiliary DACs are always alive and the current output is steered to the VG of
integrators for TIQ in a back and forth fashion, depicted in Fig. 3.30(b).
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Figure 3.30: Current cell for: (a) Main DAC. (b) Auxiliary DAC.
The CDAC cell performing channel coupling is shown in Fig. 3.31. The coupling
DAC can be scaled since there is no matching requirement, and is shared by TIQ
channels. The current source is kept active by sinking current to a voltage source while
it is not enabled by the PWM signal.
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Figure 3.31: Current cell for coupling DAC.

3.4.4 DEM and Digital Accumulator for DM Operation
Benefiting from the robustness to ELD in this TIQ architecture, one whole sample
clock is dedicated to DEM operation. On one hand the timing constrains are relieved
for DEM logic to output the processed digital code for feed-back DAC. On the other,
the timing requirement for DEM is well defined since the digital output is retimed and
synchronized one sample clock later. In our implementation, we take full advantage of
the discussed merit by digitally synthesizing and laying-out the whole DEM module
(including thermal-code-shifter). Also, the digital accumulation required by TIQ based
DM operation is also performed in this DEM phase, implemented using digital tools.
To include the function of digital integration, a modified DEM module was
implemented and illustrated by Fig. 3.32. The thermo-code is converted to binary
(MUX-based T2B) for digital accumulation. The accumulated value is further
processed by DEM operation. Compared to conventional DEM module, most added
digital block is moved out of critical delay path. The whole digital backend is
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described and simulated in RTL level, synthesized with standard digital library, and
the physical design (layout) is done with automated measure.
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Figure 3.32: Modified DEM block to include digital accumulation.

3.4.5 Overall DSM Loop
The overall architecture of the implemented DSM ADC is drawn in Fig. 3.33. The
loop dynamics is simulated using well developed tool [32] for discrete-time DSM, and
is mapped into a CT DSM using impulse-invariant-transform (IIT) method [33]. The
resulting coefficients have to also be modified after ELD compensation is considered,
as well as accommodated for DM operation. The calculated coefficient values for RC
integrator and CDACs are summarized in Table I.
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Figure 3.33: Overall CT DSM ADC implementation.
Table I. CT DSM loop coefficients.
Loop filter 1st stage

RC: 1.65k/2p

Loop filter 2nd stage

RC: 68k/1p

TIQ integrator

RC: 12k/0.5p

Feed-forward path of input

R: 5.4k

Feed-forward path of 1st stage

R: 26k

Main DAC unit

Current: 11μ

Aux. DAC unit

Current: 3μ

Discharge PWM DAC

Current: 26μ

Couple DAC for ELD

Current: 56μ

Couple DAC for quantization

Current: 26μ/60μ

3.5 Experimental Results
The prototype CT DSM ADC was built in 0.18µm CMOS and occupies an area of
1.9mm2. When loop filtered is turned off and bypassed, signal is fed into TIQ via feedforward path within CIFF. The measured spectrum for TIQ alone is shown in Fig.
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3.34, it can be observed that second-order noise shaping is achieved by the TIQ.

Figure 3.34: 2nd-order noise coupled TIQ output spectrum.
Unfortunately, when TIQ is included in the CT DSM loop following the loop filter,
the noise coupling is affecting the loop dynamics detrimentally. While this problem is
unsolved yet and still under investigation, we will focus on the measurement results
from overall CT DSM ADC with noise coupling turned-off within TIQ.
With ADC sample frequency of 120MHz, the measured SNDR for a -3dBFS
210kHz input is shown in Fig. 3.35. Using the proposed ELD compensation technique,
the modulator is fully stabilized from two clock cycles of ELD without NTF peaking.
The digitally synthesized DEM block improves SNDR over 9dB within 2MHz signal
bandwidth. The SNDR/SNR vs. input amplitude is shown in Fig. 3.36.

dBFS

69

Normalized Frequency

Figure 3.35: Measured output spectrum with -3dBFS signal at 210kHz.
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Figure 3.36: Measured SNDR and SNR vs. input amplitude.
The proof-of-concept ADC consumes a total of 12.7mW from 1.5V power supply,
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including 2.8mW for an over-designed clock generator and clock buffer. The 6.3mW
analog power includes power consumed by the integrators for loop filter and TIQ,
current DACs and ZCD. The 3.6mW digital power includes power consumption from
VCDL, dual-slope logic and modified DEM. The chip photograph of the ADC core
and the automated synthesized DEM module is provided in Fig. 3.37. The speed of
implemented CT DSM is mainly limited by the available on-chip VCDL reference
speed from 0.18µm CMOS process, and should be easily improved with the use of
more advanced process technology. Table II summarizes the performance of
implemented CT DSM ADC.
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Figure 3.37: Die micrograph: (a) ADC core. (b) Digitally synthesized DEM and digital
accumulator block.
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Table II. Measurement results.
Process

0.18µm CMOS

Supply Voltage

1.5V

Sampling Frequency

120MHz

Signal Bandwidth

2MHz

Peak SNDR

61dB

Peak SNR

65dB

DR

67dB

Analog Power

6.3mW

Digital Power

3.6mW

CLK Gen. Power

2.8mW

ELD compensated

2 CLKADC
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4

BACKGROUND ON PULSE WIDTH MODULATION

PWM converts analog voltage into binary high/low pulses and is widely used in
encoded signal transmission, power management and ADCs. This particular voltageto-time process is straight forward but inherently nonlinear in nature. This creates
distortion for most applications which limits the overall system linearity and accuracy.
To address this issue, different compensation strategies have been reported. In [34], a
sophisticated calibration technique is proposed for harmonic suppression. Multi-phase
PWM is introduced in [35] to push the distortion out of band with increased
modulation frequency at the price of increased circuit complexity from an interleaved
modulator. In [36], naturally sampled PWM is utilized for system level spectral purity;
the structure is instead more susceptible to circuit-level non-ideality.
Conventional PWM schemes can be generally categorized into two groups:
uniformly sampled PWM (USPWM) and naturally sampled PWM (NSPWM). They
are quite different in several aspects: distortion level on the modulated signal, signal
recovery after demodulation/decimation and the complexity of implementation.
In this chapter, we will review the conventional PWM schemes, investigate the
source of nonlinearity as well as provide mathematical analysis.
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Xn

Xn+1

x(t)

VZX

p(t)
nTC

nTC+Xn

(n+1)TC

Figure 4.1: USPWM scheme.

4.1 Uniformly Sampled PWM
Illustrated by Fig. 4.1, the USPWM has the modulated input voltage x(t) sampled
uniformly in time for each modulation period TC. The results is a pulse train p(t)
within which each pulse has its width proportional to the uniformly sampled signal Xn.
Eq. 4.1 shows a general USPWM of modulated signal, with each pulse left-aligned to
the start of modulation period. The pulse train p(t) is expressed in time domain as a
sequence of plus and minus unity-step function in which the minus step depends on
the sampled signal.

p(t ) 



 u(t  nT

n 

C

)  u (t  nTC  X n  TC ) 

(4.1)

We will follow the analysis methodology presented in [37] to examine the
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spectrum of modulation pulses. The Fourier transform of USPWM expressed in eq.
4.1 can be derived and is provided in eq. 4.2, in which Sk(f) is the Fourier transform of
input signal at power of k: (x(t))k. To understand this spectrum, we first notice that
with different n in eq. 4.2, the modulated signal is mixed to each nth harmonics of
modulating frequency fc. For example, when n=0, eq. 4.2 leads to the modulated signal
in base band, together with its inverse-Fourier transform expressed in eq. 4.3.

(TC ) k 1
P( f )   
( j 2 f ) k 1 S k ( f  nf C )
2k !
n  k 1




(4.2)

(TC ) k 1

( j 2 f ) k 1 S k ( f )
2k !
k 1


P( f ) n 0

(TC ) k 1 d k 1
k
 x(t )  
x(t ) 
k 1 
2  k ! dt
k 2


p(t ) n 0

(4.3)

Observing eq. 4.3, not only modulated x(t) is contained in the USPWM baseband,
but all the powers of x(t) with the same order derivitive over time. This suggests that
USPWM represents the input signal with distortion and the distortion level is
depending on the input signal frequency. For a DC input signal, there exists virtually
no distortion.
To better explain this distortion effect within PWM, we quantify the harmonic
distortion artifact by performing behavioral simulation as set up in Fig. 4.2. An ideal
TDC samples the USPWM pulse train 16 times faster than the modulation rate, and
the pulse duration within each sample is quantized with a resolution of 11-bit (scaled
to modulation period). This setup examines the power spectral density (PSD) of PWM
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Figure 4.2: TDC quantizes PWMs to quantify their PSD.
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Figure 4.3: Simulated USPWM PSD.

0.25

76

Using this behavioral simulation setup, the PSD of TDC output for a -9dBFS
single-tone input USPWM is shown in Fig 4.3. The USPWM output is limited to 45dB
in SFDR by a 2nd order harmonic. Also, this PWM distortion behavior is highly
dependent on input signal frequency as plotted by Fig 4.4.
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Figure 4.4: USPWM distortion level vs. input signal frequency.

4.2 Naturally Sampled PWM
In the NSPWM, a periodic voltage reference, which could be a saw-wave, is
compared to the input voltage continuously, the crossing of voltage reference over
input signal not only determines each pulse width, but also defines the sampling
instance. The resulting NSPWM pulse train represents a sample sequence X^n by its
pulse train width, and it is obvious X^n is a non-uniform sample of x(t).

77

Voltage
^
Xn
^
Xn+1
x(t)

t
n(t)
nTC

^
nTC+Xn

(n+1)TC

^
(n+1)TC+Xn+1

Figure 4.5: NSPWM scheme.
Similar analysis can be performed on NSPWM, as previous done on USPWM in
section 4.1. The PSD of NSPWM will show that modulated signal x(t) is phasemodulated to each harmonic of modulating frequency fc. However the baseband
portion is just the spectrum of undistorted x(t).
More detailed frequency spectrum analysis can be found in [37], our discussion
will focus on the different linearity performance of USPWM and NSPWM when
analog filtering and digital decimation is applied respectively.

4.3 Analysis on Nonlinearity
The drawing in Fig. 4.6 illustrates the PSD of USPWM signal, in which the
modulated signal at FIN is distorted and mixed with the modulation carrier.
Nevertheless when the USPWM pulse train is sampled and quantized by a TDC in the
same scenario discussed in section 4.1 (Fig. 4.2). It is possible to recover the signal
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information without loss by simply performing a 1st-order moving average on the TDC
output, and decimating by the scale of TDC rate over modulation speed. Referring to
Fig. 4.6, since the abovementioned process restore the signal power sample by sample,

Magnitude

the decimated TDC output will only contain input signal without any distortion.

0

FIN

FC

2FC

FIN

FC

2FC

Frequency

Figure 4.6: Spectrum of USPWM and its demodulation.
On the contrary, for NSPWM, the PSD of modulation pulses has excellent in-band
spectral purity. However for data conversion application, the harmonics will fold back
into baseband after digital decimation. Consider the same TDC quantizer scheme as in
section 4.1, is sampling the NSPWM output. The only method of getting away with
this harmonic fold-back is to have a sharp LP analog filter taking impulses from a
DAC controlled by the TDC output, at the same speed of TDC. This fact renders the
NSPWM for ADC application highly inefficient if not impossible. This effect can also
explained by realizing the NSPWM samples, of the input signal are non-uniform in the
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first place. Thus by filtering and decimating the TDC output, the sample by sample

Magnitude

power could not be a linear representation of the modulated signal [38].
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Figure 4.7: Spectrum of NSPWM and its demodulation.
Besides the system level difference, one should also consider the circuit realization
of USPWM and NSPWM. The circuit for USPWM can be simply realized by the well
known dual-slope operation. The voltage is sampled by an integrator, and is then
discharged by a constant ramp until the fixed zero-crossing voltage (VZX) as in Fig.
4.2. However, the trip point of the comparator within a NSPWM depends on input
signal rather than being constant, which requires extra power consuming active
filtering stages [36]. Also, NSPWM is not realizable for some applications, such as
discrete/sampled input signal, quantization error, etc.
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4.4 PWM Applicable to ADCs
PWM has been utilized as voltage-to-time interface in an ADC structure (Fig. 4.8)
which exploits highly digital TDC to maintain/increase power efficiency with process
scaling. Meanwhile, recent work on the TDC topic has revealed that by using a
particular category of switched ring oscillators (SRO), high speed data conversion can
be realized with decent accuracy/linearity [36][39]. As a result, for abovementioned
ADC topology, the PWM block has become the bottleneck of speed and accuracy.
Scaling the modulation speed (fm) of the voltage-to-time operation is not as efficient in
deep submicron as we would prefer. However, for TDC design, the speed (fs)
advantage is very significant as transistors scale for digital. For certain types of TDCs,
the advantages are even greater due to noise-shaping as well as the relaxed TDC
dynamic range requirement.

fm
VIN

PWM
Voltage
Domain

fs
Pulse

TDC

DOUT

Time
Domain

Figure 4.8: ADC based on PWM plus TDC.
We have compared the conventional PWM schemes in this chapter: on one hand,
the circuit implementation for NSPWM is much complicated and even not possible for
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some applications. On the other hand, it is more important that NSPWM generally
implies non-uniform sampling and should be avoided for ADC applications. Based on
above considerations, we would discuss and propose a new category of PWM in next
chapter. This new scheme would be examined and compared to USPWM, aiming to
avoid the inherent nonlinearity from USPWM, while maintaining its simplicity.
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5

RING OSCILLATOR BASED ADCS USING INHERENTLY
LINEAR TIME SYMMETRIC PWM

This chapter presents a new PWM scheme to address the fundamental distortion
problem lies in conventional PWM: time-symmetric PWM (TSPWM). This new
technique provides a solution to PWM nonlinearity without the use of calibration or
increased circuit complexity and particularly suitable for ADC application taking
advantage of speed/accuracy scaling from time-domain quantization. In the following,
we will first propose TSPWM algorithm, followed by its practical circuit scheme
realization. An ADC structure using TSPWM voltage-to-time modulator followed by
SRO TDC quantizer will be implemented and measurement results are discussed.

5.1 Proposed Time Symmetric PWM
As discussed in section 4.1, the pulse train from USPWM can be expressed as eq.
4.1, where the nth pulse is rising-aligned with nth modulation period Tc and its width
equal to the uniformly sampled nth signal sample Xn. Comparing eq. 4.1 to the
expression for pulse amplitude modulation, the sampled signal is inside the unit step
function rather than being a scalar outside, which is the source of nonlinear behavior
for PWM.
p(t) 



 u(t  nTC )  u(t  nTC  Xn )

n 

(5.1)

83

Comparable to the mechanism of differential circuit, we will be able to fabricate an
„odd-symmetric‟ input/output characteristic to cancel even-order distortion, by paring
an imaginary pulse train, stated by eq. 5.1, with that expressed by eq. 4.1. For the
pulse train indicated by eq. 5.1, each pulse is still rising-aligned to modulation period
while pulse width is now the reversed value of sampled signal. Although this
expression seems impractical since a pulse width with negative value is indicated, an
equivalent and practical process can be carried out by a pseudo-differential dual-slope
configuration as shown below.

xn

xn+1

x(t)
CM
50%
square

VZX

t

pp(t)
nTC

(n+1/2)TC+Xn

(n+1)TC

pn(t)
(n+1/2)TC-Xn
Figure 5.1: Proposed TSPWM scheme.
As illustrated by Fig. 5.1, we first sample the differential voltage around a
common-mode (CM) voltage uniformly and generate two sets of pulse trains in a
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pseudo-differential fashion. Each pulse train is generated the same as that from a
conventional USPWM: fixed ramp and VZX. Assume the CM voltage translates to a
50% duty cycle pulse output. The „positive/negative‟ pulse train pairs are shown in eq.
5.3 and eq. 5.4.
pp (t) 

pn (t) 



 u  t  nTC   u  t  (n  1/ 2)TC  Xn 

(5.2)

n 


 u  t  nTC   u  t  (n  1/ 2)TC  Xn 

(5.3)

n 
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Figure 5.3: Simulated TSPWM PSD.
Further, the positive/negative pulses are processed by separate TDCs 16 times
faster with 11-bit resolution (similar to Fig. 4.2). The behavior simulated PSD
obtained from subtracting two TDCs digital output is shown in Fig. 5.3, revealing that
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while each TDC output still contains harmonic distortion, just as it would be from a
USPWM in Fig. 4.3, the subtraction of the two TDC outputs obtained from the newly
proposed PWM scheme removes distortion and increases signal by 6dB. The new
technique is introduced herein as time-symmetric pulse-width-modulation.

5.2 Switched-Ring-Oscillator ΔΣ TDC
Switched-ring-oscillator (SRO) [36][39] achieves high speed TDC conversion with
decent accuracy/linearity due to its unique two point frequency operation. The
advantages of SRO are even greater with the noise-shaping due to phase accumulation.
As a result, we choose SRO as the TDC quantizers following TSPWM in this design
to demonstrate the effectiveness of TSPWM. These quantizers also prove the concept
of relying on TDC speed scaling for its digitized operation to boost the overall system
resolution, while allowing the voltage-to-time (PWM) front-end to stay at a much
lower speed without the distortion penalty thanks to TSPWM.
It should be noted that the SRO topology itself is pseudo-differential in that
logically inverted pulse train from PWM is also processed and subtracted. While this
configuration reduces circuit-level even-order distortion, it does not mitigate any
aforementioned system-level distortion inherent in the PWM.

5.3 ADC architecture
Fig. 5.4 shows the final architecture of the implemented system: two sets of
integrators, current sources and ZCDs form the TSPWM stage, which sample,
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discharge and produce the pulse train pair for two separated SRO quantizers. Each
SRO quantizer that further consists of positive and negative half circuits,
SROP1/SROP2 and SRON1/SRON2, is switched on/off by the inverted pulse from
TSPWM. Compared to the topology of NSPWM, the fixed-threshold ZXDs of
TSPWM guarantee voltage-to-time linearity without the need of extra active
components. At the same time, the sample rate of TDCs is truly decoupled from the
voltage-to-time front-end modulation speed to improve overall system resolution.
A replicating time amplifier (TA) is also implemented in this work, and has a
option to be bypassed on the chip, which will be covered by next section.

5.3.1 Replicating Time Amplifier
Since dual-slope operates in two subdivided sample/discharge phases, TSPWM
will not send out any pulses in half of the sample period. Motivated to double the
time-domain signal range, a replicating time amplifier is proposed and implemented in
this design. As shown in Fig. 5.5, the TSPWM pulse is delayed for one phase and
combined together to be replicated twice for each sample period. The resulting pulse
replica is still left-aligned to the sampling phase. The circuit realization for this TA is
simply a delay cell and OR-gate. As a test option, we are able to bypass the TA within
the prototype chip by just switching the OR-gate input to ground instead of connected
to delay cell output, and the delay value is tuned off-chip.

87

S1

S2

S1

S2

Integrator
output

CM
VZX

t

PP
PN

fs

R
VINP

ZXDP

S1

TA

PP
S2·PP

C
fs
SROP1

SROP2

fs
Dout
fs
SRON1

S2·PN
VINN

SRON2

fs

C
PN

S1
R

ZXDN

TA

Figure 5.4: Ring oscillator based ADC uses TSPWM algorithm.
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Figure 5.5: Pulses input and output from replicating time amplifier.

5.3.2 Non-ideality
The main non-ideal effect for this structure employing TSPWM is from the
mismatch between two channels. Fortunately, this nonlinear effect is limited as shown
by the simulation results plotted in Fig. 5.6. Also, since both TDC channel output
digital result, the gain mismatch could be conveniently characterized by looking at
PSD the separate digital bits, and be corrected as simple as changing the digital weight
linearly on one path.
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Figure 5.6: TSPWM distortion removal vs. gain mismatch between TSPWM channels.

5.4 Measurement Results
The prototype system was built in 0.18µm CMOS and occupies an area of
0.49mm2. The TSPWM modulator is able to provide a modulation frequency (fm)
ranging from 20MHz to 40MHz, and the generated pulse train is sampled by the
following SRO TDC at a sample rate (fs) of 400MHz.

dBFS
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Normalized to TDC frequency
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Figure 5.7: Measured PSD with -3dBFS signal at 200kHz, 25MHz fm and 400MHz fs.
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Figure 5.8: Measured PSD with -3dBFS signal at 200kHz, 27.5MHz fm and 400MHz
fs.
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dB

Figure 5.9: Measured SFDR vs. input amplitude.

Normalized input amplitude

Figure 5.10: Measured signal to EHD ratio vs. input amplitude.
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The digital output from each SRO quantizer is gathered from chip and is subtracted
in the digital domain to form the overall output. The measured PSD of the 25MHz fm
and 400MHz fs are shown in Fig. 5.7; and Fig. 5.8 shows a PSD of 27.5MHz fm and
400MHz fs. It is observed that while the USPWM driven TDC output is harmonic
distortion limited, the TSPWM scheme increases signal amplitude and suppresses
dominant even-order harmonics by over 20dB. The observed notches at harmonics
around multiples of fm result from SRO up-sampling, and the remaining in-band
harmonics are likely contributed by circuit nonlinearity of each half circuit and the
mismatch between them. The proof-of-concept ADC consumes a total of 43mW,
primarily due to over-designed buffers for each multi-phase ring oscillator stages.
Recall that the sole purpose of the prototype is to demonstrate the advantages of
TSPWM.
Fig. 5.9 shows the measured SFDR vs. input amplitude for comparison between
USPWM and TSPWM. For focused evaluation of even order suppression in TSPWM,
the signal to even-order-harmonic-distortion (EHD) ratio vs. input amplitude
comparison is also provided in Fig. 5.10. The die photo is shown in Fig. 5.11 and
Table III summarizes the performance of prototype ADC.
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Figure 5.11: Chip micrograph.
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Table III. Performance summary of prototype ADC.
Technology

0.18µm CMOS

Modulation Rate

20~40 MHz

Sample Rate

400 MHz

Bandwidth

780 kHz

SFDR
Signal
to
EHD

USPWM

42 dB

TSPWM

66 dB

USPWM

43 dB

TSPWM

75 dB
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6

CONCLUSION

Data converters using time information could achieve high accuracy while
maintains good power efficiency with the help of process scaling in era of deep submicron CMOS. This thesis presents two new data converter techniques which try to
provide solutions of efficient use of time information in the context of ADCs.
In the first approach, a novel CT DSM ADC using a channel coupled timeinterleaved quantizer. Along with the doubled sample rate, the proposed architecture
utilizes time information to perform correlated coupling between the two quantizer
channels. This provides a new solution for ELD problem of CT DSM and enables the
structure more timing budget for DEM operation without compromising SQNR. Built
in 0.18µm CMOS, the prototype ADC demonstrates the concept of using time
information from quantizers themselves to compensate ELD for CT DSM without
power penalty.
In the second approach, a new category of PWM scheme is proposed to avoid
inherent harmonic distortion in conventional PWM. An ADC structure is implemented
utilizing this new voltage-to-time interface followed by SRO TDC. A successful
operation of this architecture is demonstrated in the removal of harmonic distortion at
the TDC output without calibration or circuit complexity.
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